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An architecture and design of a Phase Locked Loop based frequency synthesizer 

is developed in this dissertation. Using multiple phases generated by a ring oscillator, this 

synthesizer is able to generate non-integer multiples of the incoming, high quality clock 

signal. The design is done for a nominal target frequency of 3.125 GHz for application in 

a serial communication system such as a network backplane. Using a fully differential 

design, the architecture is able to achieve the stringent timing jitter requirements of a 

network backplane system. 

Advancements in the content and the coverage of the Internet have tremendously 

increased the need for high speed data transport over very long and very short distances. 

The long distance bandwidth and speed requirements have been addressed by the use of 

optical links. The shorter distances, such as serial communications in a network 

backplane are still in the realm of copper lines drawn on printed circuit boards. Thus the 

medium of communication places design constraints on the electronic devices operating 

on either side of the medium. As symbol frequencies approach 3.125 GHz and beyond, 
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architectural modifications must be made to alleviate the channel effects. This 

dissertation presents a phase locked loop for a network backplane system application 

where the two transceivers can communicate with each other to determine a particular 

line code that they will use for the most optimal communication between them. The 

selection of the line code determines the symbol rate and in turn the transmit clock 

frequency. A particular line code may be chosen such that a non-integer multiple of a low 

frequency input clock is required. The incoming clock is usually fixed at standard 

frequencies like 312.5 or 625 MHz to operate the parallel data path. It would then be 

beneficial to have a fractional-N frequency synthesizer which can generate the necessary 

fractional frequency multiples. 

The synthesizer presented in this research work is designed in a standard 0.13 µm 

CMOS technology with a 1.5 V power supply. It dissipates 112 mW of power and 

occupies an estimated silicon area of 0.2 sq. mm. The nominal peak to peak jitter of this 

design is approximately 43.7 ps and the maximum peak to peak jitter is 48 ps. 
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Chapter 1: Introduction 

This research addresses the design of a fractional N clock synthesizer that can 

generate non-integer multiples of an incoming clock frequency with low timing jitter. In a 

high speed serial communication environment like a network backplane, the 

characteristics of the communication channel between two transceivers may not be 

determined until the time of installation and may need to be changed during the life of the 

system. As a result, it is desirable to be able to adapt the data coding schemes of the 

transceivers based on the actual conditions in the network backplane. The choice of a 

particular line code determines the rate of the serial communication and is a major factor 

in the transceiver design. Therefore, in many situations a serial transmit clock is required 

that can be set to a wide variety of non-integer multiples of the on-board crystal 

oscillator. 

Commercially available network backplane transceivers offer data rates from 2.5 

GBPS to 10 GBPS. The higher speed versions employ multi-level coding schemes to 

reduce the symbol rate or the serial communication rate. This dissertation addresses 

design and development of the transmit clock synthesizer for a transceiver operating at a 

nominal data rate of 5 GBPS. Due to the line coding employed, the symbol rate may be 

as high as 6.25 GBPS. As a result, the frequency synthesizer developed in this work 

operates at a nominal center frequency of 3.125 GHz. To achieve this, an input crystal 

oscillator frequency of 312.5 MHz is used. The nominal multiply ratio is 10 with a 

targeted power consumption of 75 mW. For the most common configurations of quad 

transceivers using a single synthesizer, the per port power consumption is 18.75 mW. The 

targeted timing jitter is less than 50 ps peak to peak and less than 3.5 ps rms. 
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A new Phase Locked Loop (PLL) architecture for generating non-integer 

multiples of the input clock has been developed. This design is based on the observation 

that in a synchronous Phase Frequency Detector (PFD) inside the PLL, the divided 

version of the output clock need not have a 50% duty cycle. The PFD operates only on 

the rising edges of the reference clock and the feedback clock [1]. Thus, the feedback 

clock only needs to have the correct frequency and phase. In this design, the feedback 

clock is actually a pulse train whose frequency and phase is locked to the reference clock. 

This allows for signal manipulation such that non-integer frequency multiplication is 

achieved. 

 

1-1. FREQUENCY SYNTHESIZERS 

Frequency synthesizers are common building blocks of most communication 

systems. Most often, a clock synthesizer or a frequency synthesizer is a PLL based 

system that locks the phase and a divided version of the output frequency to an incoming 

clock source. In most applications, the incoming clock source is a crystal oscillator. 

Crystal oscillators, because of their high Q factors, can generate single frequency signals 

of very high spectral purity. However, due to system and circuit issues, the output of the 

PLL will not have the same quality as that of the crystal. The extent of reduction in the 

quality of the PLL output is quantified in terms of timing jitter or phase noise. These two 

metrics are used to measure the performance of a PLL and compare different 

architectures and designs. Although jitter and phase noise are related to each other, one or 

the other is mostly specified for a synthesizer based on the application. For example, in 

wireless communications, the frequency synthesizer functions as a Local Oscillator (LO) 

to do the mixing of the incoming RF signal down to an IF band. Here, the LO output 
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needs to be a sinusoid such that the mixing operation generates only sum and difference 

frequencies. In such applications, the performance of the synthesizer is measured in terms 

of its phase noise. On the other hand, in wire line applications such as Ethernet, the clock 

source is usually a square wave and its timing jitter is the most critical performance 

parameter. Timing jitter and the phase noise are related to each other and knowing one, 

the other can be estimated. This dissertation is focused on generating a high frequency 

clock with low timing jitter. 

When a PLL is required to generate an output frequency that is not an integer 

multiple of the incoming clock, most architectures achieve this by modulating the divide 

factor of the feedback divider such that on the average, the PLL output has the desired 

frequency. However, the cycle to cycle behavior of such architectures may contain large 

timing variations that can lead to significant timing jitter. Delta Sigma modulators are 

also used to randomly select the divide factor on a cycle to cycle basis to achieve 

fractional multiplication. In such architectures, the loop bandwidth of the PLL should be 

set low enough to filter the out of band quantization noise produced by the Delta Sigma 

Modulator. A steady state small signal analysis of the PLL, presented later in this 

dissertation, shows that any noise introduced at the VCO, experiences a highpass function 

to the output. Hence, a loop with a relatively large bandwidth is desirable such that the 

VCO noise can get filtered out. This dissertation presents an architecture where the loop 

filter bandwidth can be set relatively high. 

 

1-2. ORGANIZATION 

This dissertation is organized as follows. Chapter 2 explains the components of a 

serial communications link and the performance metrics of such links. The concept of Bit 

Error Rate (BER) is introduced and the effects of amplitude and phase distortion as 
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captured on an eye diagram are explained. Timing jitter, its effects on system 

performance, its classification and specification are discussed. The chapter then presents 

network backplanes and their channel characteristics, line coding and the resulting 

data/symbol rate ratios. An adaptive network backplane is introduced. In such a system, 

the serial communication rate between two transceivers can be modified based on the 

channel conditions. This is achieved by choosing one out of several different line codes. 

The resulting transmit clock frequency requirements are summarized in this chapter. 

Chapter 3 presents a review of frequency synthesizer architectures. The PLL 

fundamentals are introduced along with analysis of the jitter sources inside the PLL. 

Other frequency synthesis architectures like analog mixers and DDFS are also discussed. 

Then the concept of fractional N frequency synthesis is presented with a review of the 

architectures published in the literature.  

Chapter 4 presents the fractional N synthesizer architecture developed in this 

research work. This design incorporates a technique called the Direct Digital Period 

Synthesis and a description of the same is presented. Then the architecture that uses the 

DDPS in the feedback loop of a PLL is presented with a discussion of the possible 

sources of jitter introduced by the DDPS circuit into the overall system. High level 

simulation results and calculation of the circuit level parameters are presented. 

Chapter 5 describes in detail the circuit design of the individual blocks of the new 

fractional N synthesizer. Starting with a brief discussion on the CMOS process chosen for 

this design, the chapter presents a new Voltage Controlled Oscillator (VCO) circuit that 

uses a negative trans-conductance stage for fully differential tuning of the VCO 

frequency and uses continuous time common mode feedback to maintain the output DC 

level. Performance results of the VCO are also summarized. The chapter also explains the 

design of the Phase Frequency Detector (PFD), the differential charge pump/loop filter, 
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the feedback divider, the transition selector and the phase accumulator. A performance 

summary for each of the blocks is also presented.  

For achieving high performance and high frequency operation, the layout of the 

blocks and the overall chip is as important as the design of the blocks. Chapter 6 

discusses the issues relevant to the layout of this design. A potential chip level floor plan 

and a candidate floor plan for the VCO are explained in this chapter. 

Chapter 7 presents conclusions concerning this design. Possible enhancements 

that can improve the performance of this architecture in terms of power, silicon area, 

flexibility are discussed. Comparisons of the performance and the estimated silicon area 

of this design with a few other designs published in the literature are summarized.
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Chapter 2: Background 

Demand for bandwidth in serial communication links has been increasing as the 

communications industry demands higher quantity and better quality of information. In 

addition, the ever increasing computational capability of processors is driving the need 

for very high bandwidth communication. Such links are an important part of multi-

processor interconnection [2], processor to memory interconnection and serial network 

interfaces such as FireWire, Ethernet, SONET/Fiber channel and backplane transceivers. 

The research and design of transmit (TX) and receive (RX) circuits for these links 

currently targets speeds exceeding several gigabits per second (GBPS) [3]. Until recently, 

these circuits have been implemented in high speed but expensive processes like bipolar 

silicon, GaAs or SiGe technologies. However, commercial viability of these devices is 

dictated mostly by reduction in cost of manufacturing and being able to achieve greater 

levels of functional integration. This requirement has driven research work to explore the 

implementation of very high speed communication links in CMOS processes. It is indeed 

advantageous that CMOS technologies with feature sizes of 0.13 µm or smaller are 

available today. Such technologies provide extremely fast transistors so that a serial 

communications link running at 2.5 GBPS or higher can be implemented in CMOS [3], 

[4]. In most of these designs, single bit data stream is transmitted across a communication 

channel using a two level signaling technique like NRZ. Each data bit is represented as a 

+1 or a -1 and is transmitted using two corresponding voltage levels centered carefully 

around a DC level. Alternatively, a more sophisticated multi-level signaling scheme such 

as 4-PAM can be used to decrease the symbol rate with respect to the data rate. In [5], a 

multi-GBPS 4-PAM serial link transceiver has been implemented in 0.3 µm CMOS 



technology. In a multi-level coding scheme such as 4-PAM, two data bits are coded into 

one of four possible data symbols. Different voltage levels are assigned to each of the 

four data symbols. This method reduces the line rate requirement by half for a given data 

rate. 

 

2-1. SERIAL LINK SYSTEM DESCRIPTION 

A typical serial link is comprised of three primary components: a transmitter, a 

communications channel and a receiver. The transmitter converts digital data bits into a 

serial bit stream and transmits the bit stream to the receiver through the channel. The 

receiver converts the received bit stream into digital data bits. The bit stream is subjected 

to the characteristics of the channel and when it arrives at the receiver inputs, it may 

appear substantially different from when it was transmitted. Figure 2-1 illustrates a 

typical serial communications link. Notice that the data stream appears distorted at the 

input of the receiver.  It is the job of the receiver to process this input so that the 

transmitted data is recovered with minimal errors. An important part of this process is 

that the local receiver clock needs to be synchronized with respect to the transitions 

observed in the incoming data stream. This process is called clock recovery. 

 
+V 
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Figure 2-1. Basic serial link: the transmitter, the channel and the receiver 

-V 

Clock
Recovery 

+V’ Transmitter 
Receiver 

-V’ Data 

Channel

Rx Clk
Tx Clk 



 8

There are two distinct types of physical media used for serial communication 

channels: optical fibers and copper. Optical fibers provide extremely large 

communications bandwidth over very long distances [6]. However, the cost of laying the 

fiber along with the associated components and electronics at either end of the fiber 

makes this approach expensive and area-inefficient. As such, optical links are deployed in 

long-haul networks carrying large amounts of data. On the other hand, copper cables are 

much cheaper to deploy. Also, copper has been used as a medium for such a long time 

that a vast amount of already laid copper is available readily as a communication 

medium. However, copper as a medium offers limited data bandwidth and suffers from 

pronounced transmission line effects like amplitude distortion and non-linear group delay 

causing severe inter-symbol interference (ISI). As a result, copper is used mostly in short 

distance applications like board-board communications in a network backplane or 

computer to computer communications in a LAN environment [6]. 

 

2-2. SYSTEM METRICS AND REQUIREMENTS 

Two metrics are most commonly used to evaluate the performance of a serial link. 

They are: the bit-rate (or its inverse, the bit-time) and the bit-error rate (BER). The bit-

time is usually expressed in terms of nanoseconds or picoseconds. The bit-error rate is a 

statistical measure of the reliability of the link [7]. Although the information being 

communicated across the channel is digital, the electrical signal is analog in nature and 

the receiver has to make a decision about the data based on the received signal. There is 

always a probability of error during this process. The smaller the probability of making 

an error, the better is the quality of the overall system. BER is the statistical measure of 

the probability of an erroneous decision at the receiver. The data rate of the system is 

specified such that it satisfies a particular BER. For applications such as network 



 9

backplanes, BER requirements are on the order of 10-12 to 10-15 at data rates of 3.215 or 

6.25 GBPS [3],[8]. This means that a serial transceiver operating at a speed of 6.25 GBPS 

can only make a single erroneous bit decision in 1012 or 1015 bits (a serial link 

transmitting at a rate of 6.25 GBPS will have to transmit for 45 hours continuously 

without making a single bit error to achieve a BER of 10-15). That is a very stringent 

specification to meet and dictates most of the design decisions. 

2-2-1. Bit-Error Rate 

Referring back to Figure 2-1, a bit error occurs when the receiver’s decision is 

different from the corresponding transmitted symbol. The error can occur due to 

imperfections in the transmitter design, excessive transmission line effects in the channel 

and imperfections in the receiver design. The biggest source of imperfections adversely 

affecting the performance is noise. Sources of noise can be in the transmitter and the 

receiver circuits in addition to the noise introduced by the channel. Broadly, the noise can 

be categorized into phase (timing) noise and amplitude noise [2]. These can further be 

classified into static and dynamic noise. Static noise effects introduce phase and voltage 

offsets and in general, can be handled easily. On the other hand, dynamic noise can 

severely affect the performance of the system and must be kept to a minimum. 

An “eye” diagram is often used as a tool to ascertain the effect of noise in the 

system. Figure 2-2 shows how an eye pattern is formed by folding a continuous time data 

shown in Figure 2-2a into a single bit time as shown in Figure 2-2b. Noise in the system 

causes the shape of the eye to be distorted. 



 

Figure 2-2. Illustration of a data eye: (a) continuous time data stream, (b) data eye formed 
by overlapping bit times 

To further illustrate the specific effects of amplitude and phase noise on a data 

pattern, refer to the Figures 2-3(a) and (b). Figure 2-3(a) shows the effect of amplitude 

noise in the form of a reduction in the height of the eye. In the receiver, a decision circuit 

determines if the received data is a ‘+1’ or a ‘-1.’ This decision is made by determining if 

the received signal is above or below a particular threshold. In the presence of excessive 

amplitude noise, the received signal, even though it was a ‘+1,’ may not exceed the 

receiver threshold causing the receiver to make a wrong decision. Similarly, a static 

voltage offset in the decision level can make the reception more sensitive to error by 

reducing the voltage noise margin [9]. 

The second source of error, timing error, can similarly affect the performance. 

The two main sources of timing errors that can cause bit errors are static and dynamic 

errors, collectively referred to as jitter. In an ideal system, the receiver clock edge lines 

up perfectly at the ideal sampling point as shown in the Figure 2-3b where the opening of 

the data eye is the widest. In reality, this may not be the case. The incoming data pattern 

suffers from transmission line effects and other non-idealities in the system and the data 
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edges arrive at different times as shown in the figure. In the figure, time tjd represents the 

jitter in the data pattern. At the same time, the clock at the receiver end will have a finite 

amount of jitter, represented by tjc, caused by circuit imperfections and noise sources on 

the power supply and substrate. As a result, the sampling of the data does not always 

happen at the widest part of the eye. Bit errors can occur if the deviation of the actual 

sampling point from the ideal one is excessive. 
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Figure 2-3. Effect of noise on a data eye: (a) Amplitude noise and (b) Phase or timing 
noise 

The statistical properties of noise are used to estimate the performance of a 

system. If the noise is assumed to be uncorrelated with the transmitted signal, then it can 

be modeled as Additive White Gaussian Noise (AWGN). At the point where the receiver 

samples the incoming signal, there is a finite probability that the noise amplitude will be 

greater than the signal amplitude, causing a wrong decision. A measure of this probability 

is the bit-error rate (BER). In order to ensure that the opening of the eye is large enough 

to reliably sample the received signal, one can either A: increase the signal amplitude 

(signal power) and/or B: decrease the amount of noise in the system. Both of these can be 
 11



characterized by the Signal to Noise Ratio (SNR) of the system. Then the error 

probability function of a Gaussian distribution can be used to calculate the BER as a 

function of the SNR as per Equation 2-1. 
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                                                                        (2-1)  

Where: S is the peak signal amplitude, y is the signal and sσ  is the standard deviation of 

the noise. Figure 2-4 shows the plot of the Bit Error Rate as a function of the SNR 

expressed in decibels. Increasing system SNR, either by increasing signal power or by 

decreasing the noise in the system, improves BER as seen in the plot [10],[11]. 

 

Figure 2-4. Plot of Bit Error Rate versus SNR. 

2-2-2. Jitter 

Jitter is broadly defined as the deviation in the period of a timing signal from its 

ideal period. There are several different ways jitter is quantified for a signal such as a 

clock or an NRZ data pattern. One classification divides jitter into deterministic and 

random groups [7]. 

 12
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Deterministic jitter is generally bounded in amplitude, non-Gaussian and 

expressed as a peak to peak value. Examples of deterministic jitter are, A: Duty cycle 

distortion caused by asymmetric rise and fall times, B: Inter-Symbol Interference (ISI) 

caused by finite channel bandwidth effects, C: Sinusoidal jitter caused by power supply 

noise and D: Uncorrelated jitter caused by interference from nearby signals [7]. 

On the other hand, random jitter is assumed to be Gaussian in nature and 

accumulates from thermal noise sources. Because peak to peak measurements take a long 

time to achieve statistical significance, random jitter is measured as an RMS value. 

Multiple random jitter sources add in RMS fashion governed by the characteristics of 

random processes and the central limit theorem. However, in order to fully specify the 

jitter performance of a system, such as a serial communications link, the random jitter is 

often converted into an equivalent peak to peak number and added to the deterministic 

jitter to get a total peak to peak jitter value. Although Gaussian statistics imply “infinite” 

peak to peak amplitude, a useful peak to peak number can be calculated from the RMS 

value given a probability of exceeding the peak to peak value. For example, the peak to 

peak random jitter having less than 10-12 probability of being exceeded is 14.1 times the 

RMS value. It turns out that this method of quantifying random jitter ties well into the 

BER specification of a communications link. Table 2-1 below tabulates the BER and the 

equivalent peak to peak/RMS ratio of the random jitter in the system [7]. 

It should be noted that the BER specification for a system implies that the total 

jitter, expressed as a peak to peak value, can not exceed a particular value. The total jitter 

is the sum of the random and the deterministic jitter. Knowing the deterministic portion 

of the jitter in a system, Table 2-1 provides a means to estimate the jitter bounds for the 

random jitter sources [12]. 
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Table 2-1. BER vs RMS jitter, expressed as peak to peak jitter value. 

PROBABILITY 
OF ERROR (BER) P-P= N*RMS 

10-10 12.7 * RMS 

10-11 13.4 * RMS 

10-12 14.1 * RMS 

10-13 14.7 * RMS 

10-14 15.3 * RMS 

The presence of jitter affects the performance and operation of both the 

transmitter and the receiver in a serial communications link. At the transmitter end, any 

jitter on the clock used to transmit the data on to the channel will cause jitter in the 

transitions of the transmitted data. At the receiver, the local clock used to sample the data 

can have jitter and that can significantly alter the sample point in the data eye. Beyond 

the above mentioned effects, presence of jitter can have an effect on the SNR as well. 

Due to cost, area and reliability issues, most systems have a maximum bound on the 

usable signal power. As a result, improvement in BER is possible only by reducing the 

noise in the system. To achieve that, frequencies above the data bandwidth are filtered to 

reduce the amount of wideband noise like thermal noise. However, this filtering has an 

adverse effect on the data pattern. The higher frequencies that give the data transitions 

sharp square edges are filtered out. Thus the data pattern no longer has well defined 

periods. If such a data pattern is sampled at an instant where the signal amplitude is not at 

its peak, the resulting non-optimal sampled value can be within the window of the 

decision threshold causing a bit error. The slewing portion of the signal effectively 

translates phase noise or jitter into amplitude noise. By taking into account the increase in 



noise contributed by the jitter, one can calculate the BER using Equation (2-1). In the 

equation, σA is adjusted to include timing jitter as shown in Equation (2-2). 

 
22 )( φσσσ gAtotal +=                                                                            (2-2) 

Where g(σφ) = S|σφ/π|, is expressed in radians normalized to 2π. Figure 2-5 plots BER vs 

SNR for different values of σφ. Notice that as the noise approaches half the bit-time, the 

BER effectively flattens and increasing SNR does not help at all. 

 

Figure 2-5. BER versus SNR for different timing jitter σφ values. 

2-3. NETWORK BACKPLANES AND CHANNEL CHARACTERISTICS 

This research work addresses serial communication links in network backplanes. 

A backplane is simply a connection between shelves and racks of networking equipment 

inside a telecommunication network [3],[13],[14]. It is constructed as a collection of large 
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electrical circuit boards with many sockets into which smaller networking boards, called 

line cards, are plugged. The backplane is constructed such that data are switched between 

the individual line cards. Each line card typically contains 8-16 serial data ports, with 

each port operating at serial rates of 2.5 to 6.25 GBPS. A conceptual visualization of a 

network backplane is shown in Figure 2-6. 

 

Figure 2-6. A typical network backplane system 

Thus a backplane provides a massive pipeline for high speed data transport. The 

electronic device that actually performs the serial communication transmission and 

reception is called a Serializer-Deserializer (SerDes). As the name suggests, a SerDes 

takes in parallel, low speed data, serializes it into a single bit high speed data stream to be 

transmitted on to a channel. This is the “Ser”ializer part. On the “Des”erializer side, a 
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high speed single bit data is received from the channel and is converted into a low speed 

parallel data. The functional block diagram of a commercially available SerDes is shown 

in Figure 2-7, courtesy of Vitesse Semiconductor [15]. The key blocks that are relevant to 

this discussion are the parallel to serial converter, the clock multiply unit (CMU), the TX 

clock generator, the serial to parallel converter and the RX clock generator. This device 

takes in 32 bits of parallel data at 62.5 Mbps on its TXIN[31:0] inputs, converts this 

parallel data into a 34 bit serial data and transmits it on to a backplane at 2.125 GBPS 

(34x62.5e6) on the differential TXSA+/TXSA- outputs. Serial data is received on the 

RXSA+/RXSA- inputs differentially. After clock and data synchronization, serial to 

parallel conversion and word alignment, the 32 bit parallel data at 62.5 MBPS is output 

on the RXOUT[31:0] outputs. The incoming reference clock to the chip is 62.5 MHz, 

with a nominal rms jitter of 7 ps. The CMU multiplies this clock by 17 to generate a 

clock signal at 1.0625 GHz. The total analog power consumed by this device is 200 mA 

from a single 3.3 V power supply. 

 

 

 17
Figure 2-7. Functional block diagram of the VSC870 Backplane SerDes. 
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The communication medium in a backplane environment is usually printed circuit 

board (PCB) traces. In other words, it is copper traces on a PCB. Depending on the 

placement of the line cards in a backplane, the distance between two communicating 

SerDes’ could be as little as an inch to as large as 36 inches. This large distance variation 

puts severe design constraints on the building blocks of the SerDes. Figure 2-8 shows the 

simulated attenuation profile for a line card constructed with the common FR4 material. 

A signal transmitted at a frequency of 3.125 GHz undergoes significant attenuation as 

shown in Figure 2-8. For example, at a distance of 30 inches, which is common in a 

backplane environment, a signal will suffer up to 15 dB of attenuation. To emphasize the 

severity of this effect, a 500 mV peak to peak signal will be received as a 100 mV peak to 

peak signal. Arbitrary amplification of the received signal will not work because the 

noise present in the channel will also be amplified. Additionally, since the channel is a 

limited bandwidth medium, different frequency components of the transmitted signal 

undergo different delays when they arrive at the receiver. This causes phase or timing 

distortion and introduces Inter-Symbol Interference (ISI) and data eye closure [16]. To 

alleviate these problems, some form of equalization is required in the receiver. An 

equalizer is a filter with controlled amounts of high frequency gain that is intended to 

complement the attenuation effects of the channel. It is important to observe that the 

frequency of the transmitted data is half that of the effective data rate. Data is transmitted 

and received on both edges of the clock, thus requiring that the clock frequency need only 

be half the required data rate. This feature reduces the design constraints on the clock 

generator. Furthermore, since fully differential design and communication is used in high 

speed systems, using both edges of the clock introduces more uniform data dependent 

supply and ground bounce effects. Noise management becomes less of a problem. 



 

Figure 2-8. Attenuation profile for an FR4 material line card for several lengths of copper 
traces. 
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On the transmitter side, three different techniques are incorporated to improve the 

reliability of communication. The first one is the use of Error Correcting Codes (ECC). A 

pre-determined redundancy is added to the data such that any bit errors occurring at the 

receiver end can be corrected. There are numerous codes used for error correction in 

today’s communication systems. The choice of a particular code depends upon on the 

kinds of errors in the system. For example, wireless communication systems, where 

errors can occur in bursts due to external conditions, use some form of Reed-Solomon 

codes which have excellent burst error correction properties. The performance of a 

particular code is measured in terms of coding gain, indicating the difference in the 

system SNR to achieve a specified BER with and without the ECC. Typical coding gain 
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numbers are 2-6 dB. Although ECC improves the BER performance of a communication 

link tremendously, it adds significant overhead in terms of silicon area and power 

consumption. For example, a decoder for a Reed Solomon code is a non trivial signal 

processing system requiring significant silicon area and power. However, the improved 

BER performance using ECC is an attractive proposition for serial communication links. 

As a result, inclusion of ECC in a design is usually a subject of trade-off. 

The second technique used is transmit pre-emphasis. Up to 12-20 dB of gain is 

applied to the transmitted data to amplify the high frequency components. Implementing 

transmit pre-emphasis at high frequencies like 3.125 GHz or more is also a non-trivial 

design task. Even in deep sub-micron processes like 0.13 µm, a lot of power has to be 

dissipated in the transmit amplifier in order to achieve the required gain and bandwidth. 

Moreover, analog circuits have to be operated in open loop at these frequencies which 

can lead to undesirable DC offset and stability issues. 

The third technique is to use line coding. Here, the transmitted data is encoded 

and redundant bits are added to the data stream to ensure a minimum percentage of 

transition density in the data stream. Transitions in the data stream are needed for robust 

clock recovery and synchronization on the receive side. The topic of line coding is 

explored in detail in the section below. 

 

2-4. LINE CODING 

High speed data is encoded with a line-code to ensure a certain transition density 

in the transmitted data. The code is designed such that the transition density is close to 

50%. This ensures a good DC balance in the transmitted data and reliable clock recovery 

and data synchronization at the receiver. However, the line code adds data overhead. For 

example, one of the popular codes is an 8b/10b scheme. In this code, 8 bits of user data 
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are encoded into 10 bits of transmitted data. This scheme adds a 25% data overhead. If a 

usable data rate of 5 GBPS is required, the line data rate must be 6.25 GBPS. Another 

line code that is used frequently is a 64b/66b scheme. Here, 64 data bits are encoded into 

66 transmitted bits. A third method is to use data scramblers. Linear feedback shift 

registers are used to scramble the incoming data, add pre-determined overhead bits (to 

identify start/end of frames, etc.) and transmit the resulting data. A de-scrambler is used 

on the receive side to recover the data. Both the data scrambling method and the 64b/66b 

method have less overhead than the 8b/10b coding scheme. Table 2-2 below summarizes 

the various coding schemes, the serial line rate for a given user data rate and the resulting 

transmit clock frequency. If a fixed crystal oscillator reference is used to generate the 

transmit clock, using the 64/66 or a scrambler based 32/34 scheme will require non-

integer multiples of the crystal frequency. 

Table 2-2. Summary of line coding schemes and resulting TX clock frequencies 

LINE CODES 
USER 
DATA 
RATE 

SERIAL 
LINE RATE 

TX CLOCK 
FREQUENCY 

MULTIPLY 
RATIO FOR A 

312.5MHZ 
CLOCK 

8b/10b 5 GBPS 6.25 GBPS 3.125 GHz 10 

64b/66b 5 GBPS 5.15625 GBPS 2.578125 GHz 8.25 

32b/34b Scrambler 5 GBPS 5.3125 GBPS 2.65625 GHz 8.5 

 

It is conceivable that a serial link might have to support more than one type of line 

coding scheme so that the user can switch between them based on the channel conditions. 

For example, for a low noise, short distance backplane, the 8b/10b scheme would be 

preferable due to popularity and legacy issues. On the other hand, for a noisy channel of 
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long lengths where transmission line effects are significant, it is preferable to reduce the 

line speed as much as possible and still achieve the necessary user data rate. Line codes 

with less overhead are preferred in such situations. The above discussion highlights the 

need for a scheme wherein an output signal of arbitrary frequency can be synthesized 

using a single high quality input reference frequency. The examples listed in Table 2-2 

are only a small number of line codes that can be used. That means the TX clock 

synthesizer should ideally be able to synthesize any one of a range of frequencies. A 

straightforward approach is to implement multiple dividers and pre-scalers that can be 

switched corresponding to the required frequency [17]. This method is hardware 

intensive and very jitter sensitive. A better approach is to synthesize the output frequency 

under full digital control such that non-integer multiples of the input frequency can be 

generated. This is referred to as fractional-N frequency synthesis [18]. Several fractional-

N type frequency synthesizers have already been reported in literature [19]-[24]. 

However, most of these designs make use of ∆Σ modulators leading to loop bandwidth 

constraints on the system.  

 

2-5. TRANSMIT CLOCK REQUIREMENTS 

The previous sections explained in detail the components of a serial link, the 

metrics by which a serial link performance is measured, backplane designs and coding 

schemes that affect the serial line data rate. For a backplane SerDes that needs to support 

two or more serial line speeds, there is a need for the generation of very low jitter 

transmit serial clock of a frequency not necessarily an integer multiple of the input crystal 

reference source. This section briefly summarizes some of the requirements of the 

transmit frequency synthesizer. 
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As studied earlier, jitter is a significant contributor to the performance of the 

backplane SerDes. Jitter causes timing or phase distortion causing higher bit error rates. 

For a 6.25 GBPS serial link, the period of a single data bit is only 160 ps. Even in a 0.13 

µm technology, typical transmit rise and fall times tend to be on the order of 40-45 ps. 

That leaves only about 70 ps to align the receive clock edge such that ideal sampling of 

the data can be made. Any jitter introduced by the transmit clock directly reduces the 

jitter budget. As a result, peak to peak jitter requirements in the range of 45-55 ps are 

common. For this research a 50 ps peak to peak jitter requirement is targeted at a BER of 

10-14. Referring to Table 2-1, the RMS jitter number is calculated to be about 3.26 ps. 

 

2-6. SUMMARY 

An adaptive line rate network backplane architecture is introduced in this chapter. 

Using one of several possible line coding schemes, the serial communication rate in a 

network backplane is minimized while maintaining the same data throughput. Such an 

architecture imposes certain design constraints on the transceiver modules that are 

interfacing with the communication medium. The design constraints imposed on the 

transmit clock synthesizer are summarized in this chapter. 
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Chapter 3: Review of Frequency Synthesis Architectures 

The requirements for the transmit clock synthesizer are established in Chapter 2. 

A frequency synthesizer with the capability of generating non-integer multiples of the 

input reference is desirable for an adaptive line rate network backplane. In order to pick 

the right architecture for this work, a review of the existing frequency synthesizer types is 

done while studying their relative advantages and disadvantages. A review of the several 

different fractional-N frequency synthesizers is presented in this chapter. Fractional-N 

synthesizers are capable of generating fractional multiples of the input reference clock. 

They are mainly used in wireless communication systems where individual channels are 

closely spaced in frequency and the receiver locks on to a particular channel. 

 

3-1. FREQUENCY SYNTHESIZER TYPES 

The three common types of frequency synthesis are: the direct analog synthesizer, 

the indirect or phase locked loop (PLL) synthesizer and finally, the direct digital 

frequency synthesizer (DDFS) [25]. Of these, the PLL based synthesizers have been used 

most commonly. However, the DDFS based synthesizers have gained popularity 

significantly as they address certain drawbacks of the PLL based synthesizers very well. 

A brief description of these synthesizer types is given below. PLL and DDFS based 

synthesizers are explored in greater detail in the following sections. 

The direct analog synthesizer uses analog multiplication, mixing and division to 

generate a desired frequency from a reference [26]. This method is illustrated in Figure 3-

1. The mixer is essentially a multiplier that generates the sum and difference frequencies 

by multiplying two sinusoids of different frequencies FLO and Fref. At the output of the 

mixer, both FLO + Fref and FLO – Fref frequencies are present. By adjusting the center 



frequency of the bandpass filter, either of the two frequencies can be obtained. In this 

diagram, the sum frequency is shown to be output by the filter. In practice, this concept 

can be extended to multiple stages with suitable frequency dividers such that a frequency 

of arbitrary accuracy can be synthesized [26]. 

Fref

FLO

Bandpass
Filter

FLO +/- Fref

FLO + Fref

Mixer

 

Figure 3-1. Conceptual diagram of a direct analog Frequency Synthesizer 

Note that by changing FLO, different frequencies can be generated. A switch 

network chooses one of several different frequencies available and by suitable tuning of 

the bandpass filter, the required frequency is generated. A detailed scheme of a practical 

implementation is given in [26]. This type of synthesizer can change output frequency 

rapidly. The time to make a change is dictated by the speed at which the local oscillator 

frequencies can be switched and the rate at which the bandpass filter can be retuned. 

The output spectrum close to the synthesized frequency is very clean, essentially a 

replica of the local oscillator, but with frequency modulation (FM) sidebands due to 

imperfections in the multiplication process. This type of synthesizer can have very fine 

frequency resolution. However, often a fine frequency resolution requires a large number 

of stages. Thus, this type of synthesizer very quickly becomes bulky, power hungry and 

expensive. Moreover, many different frequencies need to be generated and silicon 

integration is impractical due to substrate and power supply noise reasons. 
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The second type of frequency synthesizer uses phase lock techniques to generate 

an output frequency from a reference frequency. Figure 3-2 shows a simplified block 

diagram of a PLL based frequency synthesizer. The functional blocks of such a 

synthesizer are the Phase-Frequency Detector (PFD), the charge pump, the loop filter, the 

Voltage Controlled Oscillator (VCO) and the divider [27]. 

  

Figure 3-2. Simplified block diagram of a PLL based Frequency Synthesizer. 

The basic functionality is as follows. The PFD compares the phase of the 

reference frequency Fref with the divided version of the VCO frequency, Fdiv. It then 

generates a signal that is proportional to the phase error between the two signals. This 

signal is converted into an equivalent voltage by the charge pump which is lowpass 

filtered by the loop filter so that the loop filter voltage, Vctrl, corresponds to the average 

value of the phase error [1],[28],[29],[33]. The loop filter voltage adjusts the frequency of 

the VCO. Since the phase of a signal is proportional to the time integral of frequency, the 

adjustment in the frequency of the VCO also adjusts the phase of the VCO output. When 

the loop reaches a stable condition, referred to as lock, the two signals to the PFD are 

either in-phase or have a fixed static phase offset and the output frequency is equal to the 

reference frequency times the feedback divide ratio. That is Fout = NxFref. The divide ratio 
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N is usually an integer (with exceptions to be introduced later) and the frequency 

resolution of a PLL frequency synthesizer is Fref.  

Earlier implementations of a PLL were mostly in the analog domain. The phase 

detector was an analog mixer followed by a loop filter. However, with the advantages 

that a digital implementation has over an all analog approach, many of the PLL functions 

are now implemented digitally. Furthermore, completely digital implementations are also 

reported in the literature. Here, the VCO is replaced by a Numerically Controlled 

Oscillator (NCO) and the loop filter is just an up/down counter [26]. 

The third common type of frequency synthesizer is the Direct Digital Frequency 

Synthesis (DDFS) scheme. A DDFS is a look-up table based sine-wave synthesizer. A 

block diagram of a DDFS system is shown in Figure 3-3. At the clock frequency, Fclk, a 

number representing the phase change per clock period, is added to the previous contents 

of the phase accumulator. The output of the accumulator is used as the address for a 

memory that contains the numerical representations of the cosine of the address. The 

output of the memory is then converted to an analog signal by a Digital to Analog 

Converter (DAC) and to a smooth sine-wave by the lowpass filter [30],[31]. 

 

Phase
Accumulator Memory DAC Lowpass

Filter

Fclk

M
N Fout = M*Fclk/2^N

 

Figure 3-3. Block diagram of a Direct Digital Frequency Synthesizer. 
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Equation (3-3) shows the relationship between the synthesized frequency and the 

different variables controlling the operation of the DDFS system. In the equation, M is 

the input tuning word to the phase accumulator, Fclk is the update frequency of the phase 

accumulator and N is the resolution or the bit precision of the phase accumulator. Clearly, 

for large values of N, extremely fine frequency resolution can be achieved. 

 

N

FclkMFout
2
*

=                                                                                                (3-3) 

DDFS architectures offer the advantages of very fine frequency resolution, fast 

frequency switching, complete digital control of the output frequency, great potential for 

integrated circuit implementations and finally, when used as a quadrature synthesizer in 

communication systems, DDFS offers unparalleled matching between I and Q channels 

[32]. The disadvantages are the need for a relatively high quality DAC and filter and also 

that the output frequency is only a fraction of Fclk and not a multiple like other 

synthesizer architectures. 

 

3-2. PHASE LOCKED LOOP FREQUENCY SYNTHESIS 

Section 3-1 presented a brief description of the PLL based frequency synthesizer. 

A more detailed look is presented in this section. A mathematical analysis of the PLL 

begins by observing the small signal model of the loop. It should be noted that the small 

signal model is applicable when the loop is the locked condition such that the effect of 

small variations in the input phase and the VCO phase can be studied accurately. 

Figure 3-4 shows a linearlized model of a PLL frequency synthesizer along with 

the transfer function of each block. In the figure, KPD denotes the combined transfer 

function of the PFD and the charge pump. KPD is expressed in the units of V/Radian. The 
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output of the charge pump is filtered by the loop filter whose transfer function is given by 

GLF(s). The filtered voltage, Vctrl, varies the frequency of the VCO. The VCO has a gain 

of KVCO, expressed in Radians/s/V. In the Laplace domain, the VCO is also represented 

as an integrator, denoted by the 1/s factor. This is because the phase of a signal is an 

accumulation of frequency and in continuous time, it is represented as integration. The 

feedback divider has a transfer function of 1/N [27],[28]. 

Vctrl
)(siφ

KPD GLF(s)

1/N

s
Kvco )(soutφ

 

Figure 3-4. Small signal linearized model for a PLL frequency synthesizer. 

The charge pump is a three-position electronic switch that is controlled by the 

three states of the PFD. The PFD output will have three states depending on whether the 

reference phase is ahead of the divider phase, behind the divider phase or equal to the 

divider phase. A simplified version of the charge pump is shown in Figure 3-5 below 

[29]. When the switch is set in the U or the D position, the charge pump delivers a current 

of +/- Ip to the loop filter impedance ZLF. In the N position, the switch is open isolating 

the loop filter from the charge pump. The loop filter can be either passive or active. Most 

common implementations use simple passive loop filters due to the simplicity of their 

implementation. Due to the inherent switching behavior of the charge pump based PLL, it 

is a time-varying network. 
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Figure 3-5. Conceptual version of a charge pump. 

However, in most applications, the internal states of the PLL change very little in 

each cycle of the reference frequency. That is, the loop bandwidth of the PLL is quite 

small compared to Fref. In these cases, instead of analyzing the PLL behavior in every 

cycle, an average behavior over large number of cycles of the reference clock is analyzed. 

By applying this averaged analysis, the small signal model of Figure 3-4 can be used. 

From Figure 3-4, a current of Ip*|Фe| is delivered to the loop filter impedance for the time 

tp on each cycle of the reference. Each cycle has a duration 2π/ωref. Thus the average 

current delivered to the loop filter impedance over one cycle is given by 

 

π2
ep

av

I
i

Φ
=  A                                                                                                     (3-4)  

Note that iav is also the error current averaged over many cycles provided that 

both inputs to the PFD are periodic [29]. This condition is always satisfied in the case of 

a frequency synthesizer. The control voltage to the VCO, Vctrl, is then given by, 
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LFavctrl

Φ
==                                                 (3-5) 

Where: Iav(s) is the Laplace transform of iav(t), ZLF(s) is the Laplace transform of zlf(t) and 

Фe(s) is the transform of Фe(t). During lock, the phase of the VCO output is given by, 
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Where: KVCO is the VCO gain expressed in Radians/s/V. Since the PLL based frequency 

synthesizer includes frequency division of N, the value of KVCO has been divided by N 

[33]. From Equations (3-5) and (3-6) and knowing that Фe(s) = Фi(s) – Фo(s), the loop 

transfer functions of the loop can be calculated to be, 
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Figure 3-6. Typical loop filter implementations: a. Series R-C with a pole at origin and a 
zero. b. Series R-C with a ripple suppressing capacitor. 

Common implementations of the loop filter ZLF(s) use passive elements like 

resistors and capacitors due to their simplicity and ease of implementation. Two loop 

 31



filter topologies are shown the Figure 3-6 [28]. For the circuit shown in Figure 3-6(a), the 

closed loop transfer function is 
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Where: K’ = KVCO.Ip/N. Equation (3-9) indicates that this is a classic second order closed 

loop system. Its natural frequency ωn and damping factor ζ are readily calculated to be 

12 CN
KI VCOp

n π
ω =                                                                                             (3-10) 

and 

π
ζ

22
11

N
KCIR VCOp=                                                                                     (3-11) 

The transfer function of Equation (3-9) is of a low-pass nature, indicating that the 

loop will respond to any low frequency phase noise present at the input. Also, since the 

DC gain of this function is 1, any static phase shift in the input reference will show up at 

the VCO output unchanged [33]. One drawback of the loop filter of Figure 3-6(a) is that 

it can introduce ‘ripple’ in the control voltage even when the loop is locked [29]. Since 

the switches in the charge pump turn on at every phase comparison instant, any mismatch 

between the current sources of the charge pump flows through R1 causing a step at Vctrl. 

Over successive reference frequency cycles, this will appear as ripple in the control 

voltage. The ripple modulates the VCO frequency causing timing jitter. For frequency 

synthesizers, this effect is particularly undesirable. 

One way to suppress the ripple is to add a second pole into the loop filter, albeit at 

a high frequency. This can be done by simply connecting a second capacitor in parallel 

with the R-C combination. Such a loop filter is shown in Figure 3-6(b), where capacitor 
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C2 introduces the second pole. The effect of the loop filter having two poles is that the 

overall closed loop transfer function becomes a third order system [29]. The value of C2 

is chosen such that C1 >> C2. In such cases, only high frequency effects should be 

expected from the additional pole. The low frequency properties of the loop essentially 

remain the same as in the second order case. 

 

3-3. JITTER IN PLL SYNTHESIZERS 

Since PLLs operate on the phase of signals, they are susceptible to phase noise or 

jitter. The source of the jitter can be at the input to the synthesizer or any of the building 

blocks of the PLL. If each of the sources of jitter is assumed to be statistically 

independent, then their contribution to the overall performance of the system can be 

calculated using the small signal models presented earlier. To do this, various noise 

sources are added to Figure 3-4 producing Figure 3-7.  
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Figure 3-7. Small signal model of the PLL with various noise sources included. 

In Figure 3-7, noise sources associated with the PFD and the charge pump, noise 

associated with the feedback divider and the noise due to the VCO are represented as 

phase noise sources whereas the noise associated with the loop filter is shown as a 
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voltage noise. For simplicity the loop filter is assumed to be of the type shown in Figure 

3-6(a). The transfer function to the output due to the noise sources ФPD(s) and Фdiv(s) are 

the same and equal to 
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The response of the loop to the noise injected at the output of the loop filter is given by, 
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and finally, the transfer function to the output for the VCO phase noise is given by, 
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The behavior of the PLL, in the small signal sense, to the noise sources indicated in 

Figure 3-7 can be observed from the above transfer functions. Any phase noise due to the 

PFD or charge pump or the feedback divider is amplified by the feedback factor N. This 

indicates for low jitter performance, it is not desirable to have large divider ratios. The 

response of the sytem to the noise introduced at the loop filter is of a bandpass nature 

with center frequency at the loop bandwidth of the PLL. Finally, the phase noise 

introduced by the VCO experiences a highpass function with its corner frequency at the 

loop bandwidth of the PLL. That is, any low frequency phase noise (or any long term 

jitter) in the VCO is filtered by the loop. However, high frequency noise (cycle to cycle 

jitter) of the VCO will appear unfiltered at the output of the PLL. 
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From the above analyses, some conclusions can be drawn with respect to 

choosing the parameters of a PLL based frequency synthesizer. A: The frequency 

resolution of the PLL is equal to the input reference frequency. If a fine frequency 

resolution at the output is desired, then Fref must correspondingly be reduced. B: The loop 

bandwidth of the PLL should be smaller than the input frequency for stability reasons. In 

such a case, a low reference frequency implies a narrow loop bandwidth. This in turn 

means poor suppression of the VCO noise and slow response of the loop. The root locus 

of the third order PLL is plotted in Figure 3-8 where the feedback divide ratio has been 

varied from 1 to 100. It can be observed that as N increases, the complex poles move 

towards the jω axis indicating instability. 

 

Figure 3-8. Root locus of the third order PLL showing effect of increasing N. 
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The above conclusions dictate the architectural specifications of PLLs to a large 

degree and for best performance, the feedback divide factor must be minimized and the 

input reference frequency must be maximized. This allows for a wide bandwidth PLL 

that can suppress a lot of the VCO jitter. 

 

3-4. DIRECT DIGITAL FREQUENCY SYNTHESIS (DDFS) 

The concept of DDFS was introduced in Section 3-1. This architecture offers 

several significant advantages over a PLL based frequency synthesizer. Most important 

of these is, of course, the extremely fine frequency resolution. Also, the frequency 

resolution is completely under digital control which makes DDFS very attractive for IC 

implementations. In practice, DDFS systems are used most commonly in wireless 

communication systems where many finely spaced carrier frequencies need to be 

synthesized. In addition, DDFS also has the advantage of very fast frequency switching. 

This characteristic is utilized in spread-spectrum or frequency-hopping systems, 

commercial spectroscopy and automatic test equipment (ATE) [31]. 

The operation of a DDFS system can be explained with the help of Figure 2-8. 

The figure also depicts the waveforms at the output of each of the blocks of the DDFS 

system. The underlying principle in a DDFS is that a fixed amplitude, fixed frequency 

and a fixed phase offset sine wave can be represented by Aosin(ωt+φ). The signal phase 

is a linear function, as shown in the Figure 3-9. The slope or the gradient of the phase 

dφ/dt is nothing but the angular frequency ω. To generate an output sinusoidal waveform, 

it is necessary to transform the phase φ(t) into sin[φ(t)] and this operation is done by the 

ROM [32]. The output of the ROM is thus a digital representation of the sinewave. These 

digital samples of the sine-wave are converted into a sampled and held analog stair case 

by the Digital to Analog Converter (DAC). The DAC thus performs a zero order hold 



operation which means that the spectrum of the output of the DAC has a sin(x)/x 

response. It is then the job of the analog filter that follows the DAC to filter out all the 

higher frequencies and convert the DAC output into a smooth sine wave. 
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N Fout = M*Fclk/2^N

 

Figure 3-9. A DDFS system showing the signal processing at each block. 

Since the state of the digital machine is known at every clock cycle, it is relatively 

straight forward to modify the output signal by adding phase shifting, amplitude 

modulation, frequency changes, etc., all in the digital domain. The phase accumulator 

performs the operation S(n) = S(n-1) + M, where M is the input control word. If the phase 

accumulator is N bits wide, then it will accumulate from 0 to 2N-1. Beyond this, the 

accumulator overflows and starts over again. The rate of accumulation depends on Fclk 

and the phase resolution depends on M. If a zero output from the phase accumulator 

corresponds to a phase of 0 and 2N-1 corresponds to 2π, then the phase accumulator 

periodically generates phase angles from 0 to 2π. If the cosines of these phase angles are 

stored in a memory, it is a relatively simple exercise to access these values sequentially to 

complete the sine wave. The frequency of the output signal is given by Equation 3-3. 

If the full precision of the phase accumulator is to be utilized, then the size of the 

memory needs to be 2N. Therefore, the size of the memory grows exponentially for 

increasing phase accumulator precision. As a result, some form of truncation usually is 

done wherein only a fixed number of MSBs of the phase accumulator output are actually 
 37
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used to address the memory. This process of phase truncation results in spurious content 

in the synthesized output. Several different methods have been proposed in the literature 

[32], [34], [35] to reduce the size of the memory. Some of these architectures take 

advantage of the symmetry of a sinusoid around π/2 and reduce the memory requirement 

by a factor of 4. Others use the polynomial expansion of the sine function to approximate 

the sinewave. Another method is to use the co-ordinate rotation techniques such as the 

CORDIC algorithm. 

DDFS, at its most basic, is a digital signal processing (DSP) technique that is 

subject to the principles of Nyquist’s sampling theorem as any other DSP technique like 

digital filters, FFTs etc. Because of this, the maximum value of Fout is equal to Fclk/2. 

However, in practice, Fout is limited to about 0.4*Fclk in order to keep the cutoff 

requirements of the analog low pass filter reasonable. This is a major drawback of the 

DDFS system when compared with a PLL. As presented in earlier sections, a PLL can 

lock the phase of the divided oscillator frequency to that of an input reference easily so 

that the oscillator output can be multiple of the input reference frequency. In a DDFS 

system, it is difficult but not impossible. Since the DAC does a zero order hold, the 

output of the DAC contains not only the fundamental Fout but also its images around Fclk, 

2*Fclk and so on. The amplitudes of the images follow the sinc function. By placing a 

bandpass filter at the output of the DAC instead of a lowpass, it is possible to extract a 

frequency that is higher than Fclk. Use of images at higher than Fclk can make DDFS look 

like a PLL. However, such operation is restricted to the first three or four images beyond 

which the amplitude loss due to the sinc function will severely degrade the SNR of the 

signals. 



The need for a DAC and an analog filter can also be a performance bottleneck for 

a DDFS system. The digital to analog conversion process introduces quantization error 

and the dynamic range (DR) of a DAC is given by 

761.1*021.6)( += NdBDR                                                                   (3-15) 

Where: N is the resolution of the DAC and if the DAC has a differential non-linearity 

(DNL) of X (X <= 1 LSB), then in the dynamic range of the DAC shown in Equation (3-

15) [36], N is replaced by (N-X). The DNL causes harmonic distortion in the output of 

the DAC and any harmonics higher than Fclk/2 will appear in the output spectrum as 

aliased images. 

DDFS techniques have gained in popularity significantly, particularly in wireless 

communication systems. For portable applications, DDFS is considered power hungry at 

high clock frequencies due to large memory requirements. Many different techniques to 

reduce the memory size have been reported in literature. An architecture that eliminates 

the ROM altogether by using a non-linear DAC is reported in [37]. 

 

3-5. FRACTIONAL N FREQUENCY SYNTHESIS 

Previous sections have described the different frequency synthesis techniques. 

One significant advantage that the DDFS scheme enjoys is the frequency resolution of 

the output, as governed by Equation (3-3). In a PLL based system, if a frequency 

resolution finer than Fref is required, then a pre-scaler or pre-divider is used to divide Fref 

into a smaller frequency and the feedback divider inside the PLL is correspondingly 

increased. Suppose that Fref is pre-scaled by a factor M so that the input frequency to the 

PLL is actually Fref/M. Then the output frequency Fout = (N/M)Fref. By suitable selection 

of N and M, it is possible to synthesize a fractional multiple of Fref. For synthesis of 
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relatively low frequencies, this method is widely used. Figure 3-10 shows a modified 

PLL for synthesizing fractional multiples. 
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Figure 3-10. A PLL synthesizer using a pre-scaler to generate a fractional frequency. 

The (N/M) method of synthesizing fractional frequencies presents several 

difficulties. Since the input frequency to the PLL is actually smaller by a factor of M, the 

loop bandwidth of the PLL must correspondingly be reduced to keep the loop stable. To 

generate an output frequency of 2.578125 GHz with a 312.5 MHz crystal, M = 4 and N = 

33 is needed. As shown earlier, any noise originating at the feedback divider output gets 

amplified by N when it appears at the output. For low jitter applications, minimizing N is 

very important [38]. Increasing N can lead to another problem. In a PLL, the output of the 

loop filter is updated at the rate of the input reference frequency, Fref (or in the case of 

Figure 3-10, Fref/M). However, there are N cycles of the VCO in one cycle of the 

reference frequency. Any extraneous noise source introducing a noise spike into the VCO 

causes its output frequency to drift by a small amount until it is compensated by the loop. 

However, the compensation or update happens only at the next cycle of the reference 

frequency. If the divide ratio N is large, the input reference frequency is small relative to 

the PLL output and the output frequency can experience severe timing jitter until it is 

updated by the loop. In high speed communication systems, such bursts of jitter are not 

acceptable since they cause severe degradation in the quality of the link [38]. 
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From the above discussion, it can be concluded that neither DDFS nor PLL in 

their simplest forms is capable of generating high fractional multiples of an input 

frequency with low timing jitter. Alternative architectures must be explored in order to 

achieve this functionality. Several such techniques are explored in the following sections. 

 

3-6. HYBRID FREQUENCY SYNTHESIS 

In a hybrid synthesis system, both DDFS and PLL are used. One method uses 

DDFS to generate an output signal to be used as the input reference to a PLL. The PLL 

locks to this signal to generate an output that can be several multiples of the DDFS 

output. Such a system is shown in Figure 3-11.  
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Figure 3-11. Hybrid Frequency Synthesis using cascaded DDFS/PLL stages. The DDFS 
generates the reference frequency for the PLL. 

In the above system, the output of the DDFS is used as the input reference to the 

PLL [30]. The PLL locks to the phase of this signal and generates the output Fout, which 
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is N times the DDFS output. This system provides the advantages of fine frequency 

resolution in the DDFS and the high output frequency in the PLL. This is a good 

architecture to use when the spectral purity of the synthesized signal is not too critical.  

In a second system, the DDFS is embedded inside the feedback loop of a PLL as 

shown in Figure 3-12. In the diagram, the DDFS, together with the divider, performs a 

fractional-N division inside the feedback loop of the PLL [30]. This technique achieves 

good frequency resolution and the frequency multiplication operation. However, one 

drawback of this technique is that the noise spurs introduced in the DDFS that are within 

the bandwidth of the PLL are increased by a factor of N. 

 

Fd
iv

 

Figure 3-12. Hybrid Frequency Synthesis with DDFS in the feedback loop of a PLL. 

Examining the above architecture further, if the divider were to be placed at the 

output of the DDFS, it would attenuate any phase noise/jitter/spurs introduced at the 

DDFS output. However, that would require the DDFS to run at the output frequency of 

the VCO, which can be very high. Also, to keep the phase noise of the output of the 

DDFS low, a high quality DAC and a high quality analog filter are needed. 
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3-7. FRACTIONAL-N SYNTHESIS WITH MULTI-MODULUS DIVIDERS 

In this scheme, the feedback divider, instead of being an integer, is actually a 

fractional number. This is achieved by changing the feedback divide ratio between two 

integer values such that the average divide ratio over many cycles converges to the 

desired fractional number [23]. For example, suppose that the required transmit 

frequency is 2.578125 GHz and the input reference frequency is 312.5 MHz. Then N = 

2.578125e9/312.5e6 = 8.25. Suppose that the feedback divider in the PLL is capable of 

dividing by 8 and also by 9. That is N can be set to either 8 or 9. Now, if N = 8 for three 

reference cycles and N = 9 for one reference cycle, then on average, 
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Figure 3-13. A fractional-N PLL that generates non-integer multiple of the reference 
frequency. 

This is the fundamental principle behind most fractional-N PLLs [21]. This 

approach is depicted in Figure 3-13. While dynamically switching the divider modulus 

solves the fractional multiplication problem, a price is paid in the form of increased phase 
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noise. During each reference period the difference between the actual divider modulus 

and the average, i.e., the ideal divider modulus, represents an error that gets injected into 

the PLL and results in increased phase noise [21]. The main problem is that the switching 

of the divider modulus has periodicity that is mostly at low frequencies and within the 

bandwidth of the PLL. The periodic switching introduces a low frequency jitter into the 

PLL output. In the frequency domain, this will appear as spurious tones around the 

fundamental output frequency. Unfortunately, the only way to suppress this low 

frequency jitter is to make the PLL bandwidth very small [21]. 

 

 

Figure 3-14. A Fractional-N PLL that generates non-integer multiple of the reference 
frequency with randomized divide sequence. 

One way to eliminate the spurious tones is to randomize the periodicity of the 

divide sequence while still maintaining the average divide ratio. For example, as shown 

in Figure 3-14, a digital block can be used to generate a sequence y[n], that approximates 

a sequence of samples of an independent random variable that takes on values of ‘0’ and 

‘1’ with probabilities ¾ and ¼ respectively. During the nth reference period, the divider 

modulus is set to 8 + y[n], such that the sequence has the desired average value but its 

power spectral density (PSD) is that of white noise [21]. Thus, instead of spurious tones 

or low frequency jitter, the modified technique introduces white noise or random jitter. 
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The portion of white noise within the loop bandwidth of the PLL shows up at the output. 

Mathematically, the randomized sequence y[n] can be written as y[n] = x[n] + e[n], where 

x[n] is the desired fractional part of ¼ and e[n] is the quantization noise. If the divide 

ratio between 8 and 9 is chosen sufficiently randomly, then e[n] can be considered as 

zero-mean uncorrelated noise. It would then be advantageous if the spectrum of e[n] can 

be shaped such that most of e[n] lies outside the PLL’s loop bandwidth.  

 

3-8. PREVIOUS WORK 

The use of a ∆Σ modulator to perform the shaping of the quantization noise 

mentioned above was first reported in [39]. Many implementations have since been 

reported in the literature [20], [23], [40]-[42], [47], [53]. Although a ∆Σ modulator 

shapes the quantization noise to lie out of band, the order of the modulator determines the 

extent of noise shaping and the rate at which the quantization noise increases out of band 

[36]. As a result, even the use of a ∆Σ modulator imposes restrictions on the loop 

bandwidth of the PLL. If higher order modulators are used, then their out of band 

quantization noise increases rapidly and sufficient filtering of this noise necessitates a 

small loop bandwidth. 

In PLL implementations that use ring oscillators as VCOs, fractional 

multiplication of the input reference can be achieved by phase manipulation. A four stage 

ring oscillator generates eight phases of the same frequency, each phase separated by 45 

degrees from the adjacent phase. By suitably manipulating these phase signals, fractional 

multiplication is achieved. Some implementations based on this scheme have been 

reported in the literature [43], [44].  

In [43], a PLL that can synthesize a 1.8 GHz frequency is described for wireless 

digital data communication systems. A divided version of the VCO clock is latched 
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sequentially by the 8 phases of a four stage differential ring oscillator. The outputs of the 

latches are replicas of the divided clock separated by 1/8th of a VCO period. Using an 

edge combining technique, an output frequency Fout = (N + k/8)*Fref can be synthesized. 

Although this design includes a calibration loop that tries to match the phases of the VCO 

precisely, any mismatches caused by the latches will introduce jitter. Since the divided 

frequency is sequentially latched, mismatch in the earlier stages will propagate into each 

latched phase. 

In [44], a conventional PLL loop locks to a reference frequency and generates 

multiple phases of the same frequency using a ring oscillator. Then a digital subsystem 

operates on these phases based on an algorithm and generates an output frequency, which 

can be any fractional multiple of the VCO output and hence, the input reference. This 

architecture has a lower jitter bound set by the time delay between two adjacent VCO 

phases. Thus, for a VCO running at 3.125 GHz and using a 4 stage ring oscillator, time 

delay between adjacent phase is (320/8) ps = 40 ps. 

Another architecture that uses a cascade of a multi-modulus divider and a fixed 

divider is published in [45]. This design describes a synthesizer at 800 MHz center 

frequency. Another interesting architecture is published in [46] where the input reference 

is first divided by a fractional divider. The divider’s output can be expected to have 

significant jitter. A narrow band PLL is first used to filter out the jitter and another 

wideband PLL is used to multiply the output of the narrowband PLL to a frequency of 

2.4 GHz. 

Finally, there are also other reported synthesizer architectures based on Delay 

Locked Loops (DLL). A DLL is different from a PLL wherein the VCO is replaced by a 

Voltage Controlled Delay Line (VCDL). A few, high performance DLL based 

synthesizer architectures have been reported in literature [38], [48]-[52], [54], [55]. DLLs 
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have a significant advantage over PLLs in their phase accumulation behavior. In a PLL, 

the VCO phase is an integration or accumulation of its instantaneous frequency. This 

inherent integration behavior causes the VCO to accumulate any phase error introduced 

in the loop. On the other hand, in a DLL, the phase memory is reset once every reference 

frequency cycle [48]. Since the DLLs do not have an oscillator running at high frequency, 

some form of phase combining is needed to generate an output frequency higher than the 

input reference. A DLL based edge combining frequency synthesizer is described in [38]. 

The drawback of a DLL is that delay mismatches arising in the VCDL can cause severe 

jitter in the synthesized clock. In a PLL, the VCO is a high gain feedback system with a 

relatively high Q factor. The VCDL, however, just generates delayed replicas of the input 

clock. Any delay mismatch among the stages of the VCDL can lead to output jitter. As a 

result, DLL based circuits are usually not employed for clock synthesis applications. The 

circuit described in [49] generates output frequencies up to 1.6 GHz and this is among the 

highest output frequencies generated using a DLL. 

 

3-9. SUMMARY 

The three major frequency synthesis architectures are described in this chapter. Of 

these, PLL based synthesizers are most commonly used. Very high output frequencies 

can be synthesized with relatively inexpensive low frequency crystal oscillators using 

PLLs. However, non-integer frequency multiplication and requirement for fine frequency 

resolution impose severe constraints on the PLL parameters affecting the performance. 

DDFS architectures, on the other hand, offer excellent frequency resolution, fast 

frequency switching (there is no negative feedback loop to settle in a DDFS) and 

complete digital control. However, they are governed by Nyquist theorem and 

realistically synthesize frequencies that are significantly smaller than the clock frequency. 
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For network backplanes that require a very high frequency, but a flexible clock 

synthesizer, neither of the two techniques is directly suitable. Reported architectures that 

either combine the PLL and DDFS features or other forms of fractional-N multiplication 

were explored in detail. Fractional-N synthesizers using ∆Σ modulators to randomize the 

multi modulus feedback divider have been reported. These, however, constrain the loop 

bandwidth of the PLL thereby allowing VCO jitter to appear at the output. For network 

backplane applications where extremely fine frequency resolution is not required, a 

simpler architecture that does not restrict the PLL loop bandwidth is desirable. 
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Chapter 4:  Architecture Design 

The requirement for a fractional-N frequency synthesizer with low timing jitter 

was established in Chapter 2. It must be emphasized that for applications like a network 

backplane, the intention is to be able to generate one of many frequencies depending on 

the particular line code chosen. The selection of the line code, in turn, is dependent on the 

operating environment of the network backplane. A few example codes and the resulting 

clock frequency requirements were tabulated in Chapter 2. 

Chapter 3 discussed frequency synthesizer architectures published in recent 

literature. Two major schemes are used for fractional multiplication. In one, a multi-

modulus divider is used in the PLL whose divide ratio is manipulated such that on the 

average, a fractional multiple of the input clock is generated. This scheme is not suitable 

for serial communications applications as its cycle to cycle timing variation is high. The 

second scheme uses phase manipulation and combination to generate fractional multiples. 

A new fractional-N frequency synthesizer architecture is presented in this chapter. 

This architecture is based on the phase manipulation and combination scheme. However, 

it differs from those presented in the literature. This architecture incorporates a scheme 

called Direct Digital Period Synthesis (DDPS). The DDPS scheme is combined with the 

feedback divider to achieve fractional multiplication. The concept of DDPS is briefly 

explained in the following section. The new frequency synthesizer architecture is 

described after that. Then the system design to select the PLL parameters is discussed. 

 

4-1. DIRECT DIGITAL PERIOD SYNTHESIS (DDPS) 

A digital clock synthesis system is described in [56]. In this system, an output 

clock is synthesized using multiple phases of the same frequency of an input clock. 



Although the architecture presented in [56] is similar to some that are discussed in 

Chapter 3, specifically, [43] and [44], it has the advantages of simplicity of 

implementation and potentially better jitter performance. Compared to DDFS, the DDPS 

scheme is simpler to implement due to the absence of critical analog elements like the 

DAC and the filter. 

A block diagram of a DDPS system is shown in the Figure 4-1. It comprises of a 

transition generator (TGen) that produces several phases of the same frequency as the 

input clock. A transition selector (TSel) is responsible for selecting and propagating one 

of the transitions provided by TGen. This transition is propagated to the output clock Fout. 

The transition selection is done according to the output produced by the phase 

accumulator (Phase Acc). 
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Figure 4-1. Architecture of a Direct Digital Period Synthesis system. 

The phase accumulator computes a number that selects a particular phase of the 

input clock for the output. To illustrate the operation of this circuit, a simplified timing 
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diagram comprising of four clock phases and a 2-bit phase accumulator is shown in 

Figure 3-2. The input word to the Phase Accumulator in this example is Ph = 0.01b. This 

value is the binary representation of the fraction ¼. Suppose that the initial value of the 

accumulator is 0.00b. Then in response to the edges of the clock Fout, the accumulator 

will increment from 0.00b to 0.01b, 0.10b, 0.11b and the sequence repeats. In response to 

this sequence, the clock phases Ф0, Ф1, Ф2 and Ф3 are propagated to the output 

sequentially. As shown in the timing diagram, this creates a train of pulses at Fout such 

that the frequency of Fout = Fclk*4. 
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Figure 4-2. Timing diagram of the operation of the DDPS scheme.  

If the input clock is Fclk and the phase accumulator input word is denoted as Ph, 

then the output clock frequency Fout is given by 
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Ph
F

F clk
out =                                                                                                          (4-1) 

If Ph < 1 is the phase increment, then the output frequency is greater than the input 

frequency. Thus, DDPS in itself can perform the function of multiplicative frequency 

synthesis. Theoretically, the value of Fout can be really large. However, if Ph is too small, 

the next target clock phase from TGen arrives before the new value of the digital phase 

has updated the path from TGen to Fout. This causes a race condition leading to glitches if 

the path from TGen to Fout is modified too close in time to the transition selected by the 

digital output of the phase accumulator. The race condition is a function of process, 

temperature and voltage variations and can cause large and unpredictable jitter [56]. 

The timing problem can be overcome by updating Fout right after the transition on 

the next target phase of TGen. This results in a skipping of one full period of the input 

clock. In this case, the output clock frequency is given by the relation 

 

Ph
F

F clk
out +

=
1

                                                                                                      (4-2) 

The frequency resolution of this circuit is controlled by the resolution of the phase 

accumulator [56]. A 32-bit phase accumulator implementation allows sub-Hertz precision 

control in the output frequency. However, the time resolution of the output transitions 

and as a result, the output jitter, is determined by how well the different phases out of the 

TGen block are placed. That means, any jitter arising in the phases of the TGen block 

will significantly affect the critical loop timing. The timing diagram of the DDPS system 

that overcomes the race condition problem is shown in Figure 4-3. In this figure, the 

digital input number Ph is chosen to be ½ or 0.10b. It can be observed that the synthesized 

output frequency now is 
5.1

clkF
 as predicted by Equation (4-2). 

 52



Clk

0Φ

1Φ

2Φ

3Φ

Fout

Accout 0.00 0.01 0.10 0.11 0.00 0.01 0.10 0.11 0.00 0.01
t

t

t

t

t

t

t

 

Figure 4-3. Timing diagram of the modified DDPS eliminating race condition 

The total peak to peak output jitter of this circuit is the sum of the jitter coming 

from TGen block, the jitter in the TSel block and the phase jitter due to the finite 

precision of the accumulator. Of these, the phase jitter due to the accumulator may be 

reduced significantly by increasing its precision. The TSel jitter source is process 

dependent and needs to be looked at carefully. Equation (4-2) suggests that the penalty 

for solving the race condition problem is that Fout now can no longer be greater than Fclk. 

For the example of Ph = 0.01b, Fout = Fclk/1.25. Thus, although the capability of fractional 

ratios was achieved, the frequency multiplication feature is lost. The DDPS architecture 

thus needs to be modified. The new architecture achieves this functionality. 
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4-2. NEW FRACTIONAL-N FREQUENCY SYNTHESIZER 

A new architecture for generating fractional multiples of the input reference is 

shown in Figure 4-4. The multiple phases to the transition selector are provided by the 

ring oscillator outputs which are divided by a bank of dividers to provide equally spaced 

signals to the transition selector. Based on the digital input word, Ph, an output frequency 

that is a fractional multiple of Fref can be synthesized. 

 

( )PhN
FF out

div +
=

1

)1(. PhNFF refout +=
refF

 

Figure 4-4. The new Fractional-N Frequency Synthesizer Architecture. A DDPS circuit 
in the feedback loop generates fractional multiples. 
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It can be simply established that Fout = Fref. N(1+Ph). Thus the digital input word 

Ph forms the fractional part of the divider modulus. As an example, referring to the 

frequencies listed in Table 2-2 in Chapter 2, setting N = 8 and Ph = 0.25, 0.0625 and 

0.03125 provides the desired multiply ratios of 10, 8.5 and 8.25 respectively. Notice that 

a divide by 8 is a trivial circuit to design and the three values of Ph are all simple sub-

multiples of 2 (2-2, 2-4 and 2-5). Generating any other frequency that is within the tuning 

range of the VCO but is a non-integer multiple of the reference frequency is very easily 

accomplished with this architecture. This architecture preserves the simplicity of the 

DDPS system while making use of a conventional PLL for frequency multiplication. 
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4-2-1. Discussion of the proposed architecture 

It can be observed that in the proposed architecture, the DDPS is not required to 

generate a frequency greater than its input. This relaxation eliminates the potential race 

condition problem described in Section 4-1. The fractional part of the multiply ratio is 

under digital control and is limited only by the resolution of the phase accumulator. 

Unlike the ∆Σ based fractional-N synthesizer, there are no quantization error filtering 

issues to deal with. This relaxes the requirement of narrow PLL loop bandwidth. The 

PLL bandwidth can thus be set as high as the loop dynamics will allow so that the low 

frequency VCO jitter can be filtered. 

It is important to examine the jitter properties of this architecture. In a PLL 

frequency synthesizer, the major sources of jitter are the VCO, the divider, the PFD and 

the charge pump. These jitter sources were depicted in Chapter 2 and their contribution to 

the jitter at the output were mathematically derived. In the proposed frequency 

synthesizer, additional jitter can be expected from the transition selector and the phase 

accumulator. Of these, the jitter due to the transition selector circuit is likely to be the 

dominant source.  The time resolution of the output transitions of the transition selector 

and implicitly the output jitter, is determined by the time separation between the phases 

generated by the feedback divider. Suppose that the VCO is comprised of a 4 stage ring 

oscillator, running at a nominal frequency of 3.125 GHz. If the VCO is implemented as a 

fully differential ring oscillator, then the VCO generates 8 phases, each separated by 45o 

in phase or 40 ps in time. When these 8 phases are divided, the divider output will have 

N*8 phases, each still separated by 40 ps. For a divide ratio of N=8, the divider output 

will have 64 phases separated by 40 ps. Hence, the peak to peak timing jitter of the 

system will have a lower bound of 40 ps. This lower bound may be significantly reduced 

by reducing the time resolution between the adjacent phases. This operation may be done 
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either with a phase interpolator [27] or by increasing the number of stages in the ring 

oscillator [63]. Both the options have their disadvantages. Increasing the number of 

stages in the ring oscillator is a better choice as the signals are generated inside of a high 

gain loop, but with increasing number of stages, mismatches and process variations can 

lead to the oscillator failing to get into sustained oscillations. A phase interpolator, on the 

other hand, can introduce mismatches between the interpolated phases. Both of the above 

options, while reducing the time resolution between the phases, can introduce random 

errors thereby degrading the jitter performance. 

The lower bound of 40 ps means that the circuit implementation can not introduce 

more than 10 ps of jitter. Chapter 5 presents the circuit design aspects of this research 

with the predicted peak to peak jitter contributions. The simulated performance of the 

VCO shows that the jitter requirement can indeed be achieved. 

4-2-2. System Design 

In this section, a brief description of the high level design to arrive at the loop 

parameters of the system is presented. The system design begins with the determination 

of the most critical parameter, the achievable oscillator gain Kvco. From the linear analysis 

presented in Chapter 3, a large Kvco increases the noise sensitivity of the VCO and is not 

very desirable. Any small noise voltage at the VCO input will induce a large frequency 

change causing timing jitter. Another factor to consider is that during the locking process, 

the oscillator may experience voltages in excess of the nominal voltage. The excess 

voltage can drive the oscillator output to frequencies higher than the nominal. To 

accommodate for this process, the oscillator is designed to have about +/- 20% larger 

tuning range. The list of possible line codes and the resulting serial clock frequencies 

were tabulated in Table 2-2. Hence the oscillator must be designed such that it has a 

tuning range of 0.8*2.578125 = 2.0625 GHz to 1.2*3.125 = 3.7 GHz. Finally, the output 



of the charge pump will have a minimum and maximum operating range based on the 

technology, charge pump structure and the power supply voltage. In this design, the 

nominal supply voltage is 1.5 V and assuming a safe operating range of 1 V, the desired 

Kvco of the oscillator is VGHze /6375.1
0.1

96375.1
= . This value of the oscillator gain is 

relatively large and can lead to increased jitter sensitivity. Since the overall jitter of the 

synthesizer is governed mostly by the jitter of the oscillator outside the loop bandwidth of 

the PLL, it is desirable to minimize the Kvco of the oscillator. In Chapter 5, a new VCO 

design is described. This VCO uses a fully differential control voltage structure that 

allows for the above Kvco value to be halved. Performance results show that the achieved 

nominal Kvco is in the 800 MHz/V range, which is a significant improvement. 

Figure 4-5 shows the output of a behavioral simulation to determine the loop filter 

parameters. The MATLAB code used in this simulation is included in the Appendix. A 

detailed description of the PLL parameter calculations is given in [28]. A Kvco of 915 

MHz/V has been used in this simulation. This particular value of the oscillator gain is 

obtained from the circuit level simulation of the VCO. Figure 4-5 shows the values of the 

loop filter parameters needed for a given oscillator gain, to achieve a particular closed 

loop phase margin and unity gain frequency. In this simulation, a phase margin of 70 

degrees is used. From the figure, for a Kvco of 915 MHz/V, the value of R1 = 2.7 kOhm, 

C1 = 27 pF and C2 = 0.5 pF. Chapter 5 lists the actual values used in the design for a 

more conservative loop behavior. 
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Figure 4-5. Behavioral simulation showing loop filter parameters versus Kvco

 

Figure 4-6. Open and closed loop responses of the PLL 

 58



 59

These values of the loop filter are then used to determine the open and closed loop 

response of the PLL and a plot of the responses is shown in Figure 4-6. The simulated 

phase margin is 68 degrees and the unity gain frequency is 40.6 MHz. 

 

4-3. SUMMARY 

This chapter presents an architecture for a fractional-N frequency synthesizer 

using a direct digital period synthesis circuit. The eight phases from the four stage 

differential ring oscillator are divided down in frequency and a transition selector picks 

one of these phases under the control of a phase accumulator and propagates it to the 

output. Thus a pulse train of the right frequency is generated at the output of the 

transition selector such that an overall fractional multiplication is achieved. The chapter 

also discusses the jitter issues arising out of this architecture followed by a brief 

description of the system design aspects. 
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Chapter 5: Circuit Design 

A new fractional-N frequency synthesizer architecture is described in Chapter 4. 

System level design and simulations were done to find the optimum circuit component 

values for integrated circuit implementation. From a circuit design point of view, the 

most critical parameter to determine is the achievable VCO gain, Kvco. This parameter is 

dependent on the topology of the oscillator used, the CMOS process, supply voltage, 

operating temperature etc. Chapter 4 also discusses the effects of a large VCO gain on the 

jitter performance of the synthesizer. The circuit level design of the individual blocks of 

the frequency synthesizer is described in detail in the next several sections. 

 

5-1. PROCESS SELECTION 

Historically, very high speed communication links have been implemented in 

GaAs or bipolar technologies. The higher intrinsic device operating frequencies (fT) of 

GaAs and bipolar technologies are the reasons for their choice until deep sub-micron 

CMOS processes have started coming close to matching the speeds of the other 

technologies. Figure 5-1 shows the scaling trend of commercially available CMOS 

technology versus GaAs and bipolar processes [2]. The slopes of the figure indicates the 

rapid increase in CMOS process speeds with decreasing feature size. Present day CMOS 

processes have minimum transistor lengths as small as 65 nm with fTs approaching the 

75 GHz range. Due to the commercial popularity, feasibility and economy, the 0.13 µm 

process was chosen for this design. This process presents certain distinct advantages in 

terms of speed on one end and larger operating supply voltage at the other end. A 0.18 

µm technology could have possibly been used. Indeed, exploratory simulations were 

conducted in a TSMC 0.18 µm process. Although this process provided the larger 1.8V 



(almost 2.0V) supply operation, it was found that the transistor sizes used in the VCO 

delay cell were small enough that the 1/f noise or the flicker noise of the devices became 

an issue. On the other hand, the TSMC 0.13 µm process is quite a bit faster than the 

required 3.125 GHz operation. However, this allows the use of much larger devices to 

intentionally slow down the oscillator. Using the larger transistors increases the gate 

capacitance, which in turn slows down the oscillator. The use of larger devices results in 

a lower 1/f noise and better jitter performance of the oscillator. 

 

Figure 5-1. Technology fT scaling trends for CMOS, GaAs and bipolar processes. [2] 

The process documentation [58] recommends a nominal power supply of 1.2V. 

But this design was done with a supply voltage of 1.5V after ensuring that the larger 

power supply would not pose a reliability issue with the process in causing transistor 
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breakdowns, etc. This process also allows for deep a N-well option to place the NMOS 

transistors inside of wells instead of placing them directly on the silicon substrate. The 

process provides specific transistor models for use in the design process for NMOS 

transistors that are intended to be inside the deep N-wells. This design was done without 

the use of the deep N-well option. The intention was to be able to avoid special 

processing steps allowing this design to be economically implemented. 

 

5-2. VOLTAGE CONTROLLED OSCILLATOR 

The Voltage Controlled Oscillator (VCO) is the most critical building block in 

PLL based frequency synthesizers. The inherent jitter of the VCO is the fundamental 

limitation to the performance of a transceiver and its design is the most critical. The 

overall jitter of a PLL outside of its loop bandwidth is largely governed by the jitter 

produced by the VCO. Oscillators can be broadly classified into two groups: relaxation 

oscillators and harmonic or sinusoidal oscillators. While relaxation oscillators do not 

need resonating devices such as crystals, LC tank circuits and dielectric resonators to 

operate, they tend to have worse jitter performance for a given operating power. 

Harmonic oscillators can produce a near sinusoidal signal with high spectral purity with 

the help of the high Q resonating elements they employ. 

5-2-1. Oscillator Types 

Integrating a high frequency, low jitter or a low phase noise VCO on a silicon die 

is a challenging task. The VCO is an extremely sensitive, high gain analog circuit and 

when operating in conjunction with other digital subsystems, it can pick up noise from 

different sources thereby degrading the quality of the VCO output. As a result, in silicon 

implementations, the most popular architectures have been ring oscillators and LC 
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oscillators. These two architectures are schematically depicted in Figure 5-2. The figure 

shows a 4 stage ring oscillator and an LC tank based oscillator. Ring oscillators are 

relaxation oscillators and do not employ a resonant element. They have several 

advantages such as wide tuning range, small area, ability to generate multiple phase 

outputs, etc. However, they tend to have relatively high phase noise or timing jitter. This 

is mainly due to the lack of a high gain tuned element like an LC tank. Still, the above 

mentioned advantages of ring oscillators make them a popular choice for wired serial 

communication systems. Wireless and RF communication systems, on the other hand, 

require that the local oscillator generate a pure sinusoid. LC oscillators perform better in 

such applications. Furthermore, in wired serial transceivers, the architectures for clock 

recovery/synchronization often depend on the availability of multiple phases of the serial 

clock. The received data is sampled using the multiple phases of the serial clock and the 

phase that best aligns with the bit center is chosen. For such architectures, ring oscillators 

are most certainly preferred. A four stage ring oscillator, for example, readily generates 8 

phases of a high quality, high frequency clock. Generation of multiple phases is a much 

harder task in LC oscillators. For example, [5-2] describes an LC oscillator that can 

produce quadrature outputs. The fractional-N frequency synthesizer developed in this 

research relies on the availability of multiple phases of the high frequency clock and for 

that purpose, a ring oscillator is chosen. A more detailed look at the issues related to ring 

oscillator is presented further in this chapter. 



 

Figure 5-2 Popular Oscillator types in MOS technology. 

5-2-2. Oscillator Theory and Modeling  

A simple electronic oscillator produces a periodic output, usually in the form of a 

voltage waveform. As such, the circuit has no input while sustaining output oscillations. 

This behavior of an oscillator follows from negative feedback system theory. Consider 

the unity gain negative feedback circuit shown in Figure 5-3. It can be derived that, 
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If the amplifier experiences so much phase shift at certain frequencies such that the 
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feedback becomes positive, then oscillation can occur. More accurately, if for ϖjs = , 

1)( −=ωjH , then the closed loop gain approaches infinity at the frequency ω. Under this 

condition, the circuit amplifies its own noise components at frequency ω, causing 

oscillations to occur [1]. 

 

Vin(s) H(s) Vout(s)

 

Figure 5-3. A negative feedback system exhibiting oscillatory behavior. 

For oscillation to begin, a loop gain of unity or greater is necessary. This can be 

seen from following the signal around the loop over many cycles and expressing the 

amplitude of the subtractor’s output in Figure 5-2 as a geometric series: 

 
....)()()( 32 ++++= oooox VjHVjHVjHVV ϖϖϖ                                      (5-2) 

If 1)( >ϖjH , then the above summation diverges whereas if 1)( <ϖjH , 
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In summary, if a negative feedback circuit has a loop gain that satisfies two conditions: 
1)( ≥ϖjH                                                                                                         (5-4) 

and      πϖ =∠ )( jH                                                                                                      (5-5) 

then the circuit can oscillate at frequency ω. These two conditions together are called the 

Barkhausen criteria and are necessary but not sufficient for a circuit to oscillate [1]. In 

order to ensure oscillation under all process (P), supply voltage (V) and temperature (T) 
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variations (commonly referred to as PVT corners), the loop gain is typically chosen to be 

two or three times the required value. 

Voltage Controlled 
Oscillator

Vcont out

out

1

2
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Kvco

V1 V2
Vcont

 

Figure 5-4. Definition of a VCO. 

An ideal VCO is a system whose output frequency is a linear function of its 

control voltage as shown in Figure 5-4. Mathematically, it is modeled by the relation, 

contvcooout VK *+=ϖϖ                                                                                        (5-6) 

Where: ωo represents the free running frequency of the oscillator and Kvco represents the 

sensitivity of the oscillator. From Equation (5-6) and Figure 5-4, it is evident why the Kvco 

needs to be as small as the loop dynamics will allow. Furthermore, the frequency of the 

output signal is expressed as the time derivative of its phase, as given in Equation (5-7). 

dt
dφϖ =                                                                                                               (5-7) 

This equation indicates that, if the frequency of the waveform is known as a function of 

time, then its phase can be computed as 

∫ += odt φϖφ .                                                                                                    (5-8) 

Since for a VCO, contvcooout VK *+=ϖϖ , the output of the VCO can be calculated as 

∫ += ).cos()( ooutaout dtVtV φϖ  

           ∫ ++= ).cos( ocontvcooa dtVKtV φϖ                                                           (5-9) 

This equation has been used in the analysis and modeling of the VCO and the PLL in the 
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earlier chapters. The initial phase Фo is not critical to the analysis and can be ignored. 

Once the VCO is placed inside a PLL, then only the integral term in Equation (5-9) 

becomes important for analysis. This term is referred to as the excess phase of the VCO 

[1]. In the Laplace domain, the VCO can be modeled by the control voltage as its input 

and the excess phase as the output, expressed as 

∫= dtVK contvcoex .φ                                                                                            (5-10) 

such that, 

s
K

V
vco

cont

ex =
φ

                                                                                                     (5-11) 

One critical assumption that has been made in the above derivation is that the VCO 

output is sinusoidal. For systems that generate a clock signal, the output may be closer to 

a square wave than a sinusoid, thus containing significant higher harmonic content. 

Under such situations, the VCO output can be expressed as a Fourier series [1]. Also, for 

a square wave, if the fundamental frequency is changed by ∆f, the frequency of the 2nd 

harmonic changes by 2∆f and so on. Thus if the control voltage changes by ∆V, then the 

frequency of the fundamental changes by Kvco∆V, that of the 2nd harmonic changes by 2 

Kvco∆V and so on. The VCO output can then be expressed as, 

∫ ∫ ++++++= ...).22cos().cos()( 2211 φϖφϖ dtVKtVdtVKtVtV contvcoocontvcooout    

                                                                                                                          (5-12) 

The above equation suggests that the harmonics of the oscillator output can be 

readily modeled and for this reason, all system analysis is usually done with the 

assumption that the oscillator produces a single frequency at its output. 

5-2-3. Ring Oscillator Based VCO 

A symbolic representation of a ring oscillator was shown in Figure 5-1. A 

differential implementation of the same oscillator is shown in Figure 5-5. Almost all high 
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performance ring oscillator VCOs are implemented with fully differential circuitry to 

take advantage of their superior PSRR and CMRR performance and inherent noise 

immunity [45],[60]-[63]. The ring oscillator shown in Figure 5-5 is a cascade of 4 fully 

differential delay stages or trans-conductance stages. The delay time td of each stage can 

be controlled by varying the bias current of the delay cell because the delay is given by, 
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=                                                                                                       (5-13) 

Where: Ib is the bias current of each delay cell, Cl is the total load capacitance at the 

output of each delay cell and Vsw is the voltage swing. 
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Figure 5-5. A 4 stage fully differential ring oscillator. 

To calculate the design parameters and the oscillation frequency, the 4 stage ring 

oscillator is modeled in its single ended form as shown in Figure 5-6. In this figure, R and 

C represent the output resistance and the load capacitance of each delay cell, respectively. 

Gm represents the linear trans-conductance of the delay cell [25]. This circuit will 

oscillate at a frequency of ωo if each stage has an open loop gain of at least 1 and a phase 

shift of exactly 45 degrees, taking phase inversions into account. With the help of the 

Barkhausen criteria established earlier and writing the loop gain equation, it can be 

shown that 
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CRo .4
1

=ϖ  and 2=RGm   

These two relations establish the design criterion for the delay cell and the VCO 

in order to ensure sustained steady state oscillations. In practice, the DC gain is designed 

to be slightly larger than the minimum required to ensure oscillations under all 

conditions. The delay cell designed for this research achieves a DC gain of 2 across the 

PVT corners. 

 

 

 

Figure 5-6. Linearized model of the 4 stage ring oscillator based VCO. 
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The schematic of the delay cell used in the ring oscillator is shown in Figure 5-7. 

It consists of a source coupled NMOS input pair MN0 and MN1 with their load resistors 

R0 and R1. PMOS transistors MP0 and MP1 operate in their linear region and provide 

continuous time common mode feedback to keep the DC level of the outputs constant. 

This is a unique feature in this circuit and addresses a major drawback of most delay cells 

published in the literature. Most designs vary the tail current of the delay cell as a 

function of the control voltage to achieve output frequency variation. The drawback of 

this method is that the DC level at the outputs of the delay cell also varies and can cause 

common mode range problems in the circuit. To avoid the common mode range issue, the 

circuits are either operated with very limited dynamic range (tail current variation) or a 

parallel control path is provided that adjusts for the DC level variation. In such designs, 



extreme care must be paid to make sure the two paths don’t fight with each other to 

control the delay element. The delay cell designed in this research eliminates this 

problem with the common mode feedback feature. 
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Figure 5-7. Schematic of the delay cell. 

Another feature incorporated in this design is the delay variation with positive 

feedback [1]. The NMOS cross coupled pair MN4 and MN5 form a negative resistance 

pair that appear in parallel with the constant resistors R0 and R1. Suppose that this cross 

coupled pair presents a small signal resistance of -Rn and let R0 = R1 = Rp. Then the 

equivalent resistance at the output nodes of the delay cell is given by 
pn

np

RR
RR
−

, which is 

more positive if pn RR > . This idea has been incorporated into each delay cell. The 
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concept of a cross coupled MOSFET pair introducing negative resistance is derived using 

the conceptual diagram in Figure 5-8(a) and its small signal equivalent in Figure 5-8(b). 

 

 

Figure 5-8 (a) and (b). A source coupled MOSFET pair to create negative resistance. Its 
small signal equivalent circuit. 

From the equivalent circuit, 
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From which, the equivalent input resistance can be calculated to be 

mX

X

gI
V 2

−=                                                                                                        (5-16) 

Where:  has been assumed. It must be observed that the negative 

resistance is an incremental quantity, indicating that if the applied voltage increases, the 

current drawn by the circuit decreases [1]. Referring to the delay cell schematic in Figure 

5-7, as the total tail current in the cross coupled branch increases (this is the sum of the 
drain currents of MN

mmm ggg == 54

6 and MN7), the small signal differential resistance 
mg

2− becomes 
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less negative and the equivalent resistance at the output nodes, given by 

pm

p
Rg

R
−1 increases thereby lowering the output frequency. The delay cell incorporates 

differential current steering to maintain a fairly constant output swing. This is achieved 

by varying the gate voltage nodes ibp and ibn differentially. The total tail current in each 

of the source coupled pairs MN0-MN1 and MN4-MN5 is given by the sum of a constant 

currents produced by MN3 and MN7 respectively and the controlled currents produced by 

MN2 and MN6, respectively. 

 

Vcp Vcn

Ibn

MN0 MN1

MN2 MN3

Ibp
R0

MN4 MN5

MN7MN6

Ib Ib

 

Figure 5-9. Differential control voltage generator for the VCO 

The differential gate voltage control for the delay cell ibp and ibn is generated 

using the circuit shown in Figure 5-9. It consists of a differential NMOSFET pair MN1 

and MN2 with their sources coupled through a constant resistor R0. The inputs to this 

circuit are the nodes vcp and vcn which are the differential outputs of the charge pump 

and the loop filter. This is another unique feature of this design. Most of the PLL designs 
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reported in the literature use a single ended control for the VCO [63], [65], [66]. Even if 

the loop filter itself is fully differential, a differential to single ended converter is used to 

convert the differential voltage to an equivalent single ended current or voltage before it 

is used to control the VCO. This mechanism greatly reduces the noise immunity of the 

design, reduces the dynamic range of the VCO and defeats the purpose of having a fully 

differential loop filter. 

By maintaining the complete signal path fully differential, as is the case in the 

present design, it can be ensured that most of the noise sources appear as common mode 

signals and do not introduce jitter at the VCO output. Referring to Figure 5-9, at 

quiescent condition where , the current through the resistor Rvcnvcp = 0 is zero. Any ∆v 

differential applied to the circuit will cause a corresponding ∆i to flow in R0. This 

differential current should flow through either MN6 or MN7 and the gate voltage, ibn or 

ibp, respectively will change to accommodate the current change, thus establishing a 

differential control voltage for the VCO. 

5-2-4. Performance Results 

Transistor level design and simulation was done using the Cadence Analog 

ArtistTM environment and HSpiceTM simulator. The HSpice model files also allow 

statistical parameter variations which can be used in running Monte Carlo simulations on 

the circuit. The Monte Carlo simulations were run for transistor mismatches and Vt 

mismatches. Figure 5-10 shows two of the output phases of the ring oscillator under 

steady state oscillations. The oscillations are purely sinusoidal and this is desirable to 

minimize noise injection into the power supplies. Simulations were run across process 

and temperature corners and the oscillation behavior stayed consistent. The circuit 

exhibited steady state oscillations in all corners indicating sufficient loop gain. 
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Figure 5-10. Steady state oscillation outputs of the VCO showing two adjacent phases 

Figure 5-11 shows the variation of the output frequency versus the differential 

control voltage across PVT corners. The circuit exhibits a very linear relation with 

respect to the control voltage. This indicates that the differential voltage to current 

converter is also very linear over the process and temperature variations. The fully 

differential nature of the control enables this circuit to have a Kvco half as much as its 

single ended counterparts. This is a significant advantage that this oscillator and design 

has achieved. A smaller oscillator gain for the same control voltage range means less 

jitter sensitivity for the overall system. The fully differential signal path also ensures 

better power supply and common mode noise immunity. It can also be observed that the 
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overall slope of the curves stays relatively consistent across process and temperature 

variations resulting in relatively small Kvco variation. 

 

Figure 5-11. VCO output frequency vs control voltage across PVT corners 

Figure 5-12 shows the output common mode voltage across PVT corners. The 

overall common mode variation is within 100mV for the most part as indicated in the 

figure. The results indicate that the common mode feedback circuit is robust across 

process and temperature variations and maintains optimal common mode levels at the 

VCO outputs. Any adjustment in the output common mode can be done by changing the 

sizes of the PMOSFETs in the VCO delay cell. A larger W/L ratio moves the common 

mode up towards power supply and vice versa.  
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Figure 5-12. VCO output DC level across PVT corners 

Figure 5-13 shows the output peak to peak voltage variations in response to PVT 

variations. The differential control ensures that the peak to peak outputs are fairly stable 

across process corners. It is important to ensure this behavior in oscillators. A relatively 

constant common mode level and peak to peak amplitude results in a consistent region of 

operation for the active elements in the circuit, thereby ensuring a uniform performance 

from the oscillator. On the other hand, large variations in output common mode and 

amplitude can potentially move the transistors from one region of operation into another 

(saturation to cut off, for example) and cause significant variations in the performance 

parameters. 
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Figure 5-13. VCO output swing across PVT corners 

The oscillator gain Kvco is calculated from Figure 5-11 and the minimum and the 

maximum values are obtained to be 750 MHz/V and 917 MHz/V respectively. The 

maximum Kvco variation is about 167 MHz/V across all variations. Most designs, in 

response to large variations in Kvco, provide for loop filter parameter adjustments using 

digital programmability. Common practice is to have multiple capacitors that are 

switched in or out as needed. In such cases, the switch resistance needs to be taken into 

consideration while simulating the system performance and the switch resistance 

variation across PVT corners can lead to additional sources of error. The variation of the 
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Kvco achieved in this design is much smaller compared to others reported in literature and 

additional loop filter elements are not needed. 

Figures 5-14 shows the DC power supply sensitivity and noise rejection of the 

VCO across process and temperature variations. The graph plots output frequency of the 

VCO measured under nominal power supply, a +10% step in the power supply, a -10% 

step in the power supply and back to nominal power supply. This graph gives a good 

indication of the expected peak to peak jitter of the VCO. The power supply noise is 

likely to be largest contributor of the cycle to cycle jitter of the VCO. This number can be 

estimated from Figure 5-14. For example, in the typical process corner (labeled TT) and 

50 degC, the maximum variation in the period of the output is 1/3.199624e9 – 

1/3.234370e9 = 3.357 ps. At 125 degC, the same number is 0.609 ps. These numbers 

indicate very good power supply noise immunity. With very careful chip and board 

layout, actual silicon performance close to these numbers can be achieved. The maximum 

variation is observed in the fast, fast, -45 degC corner, which exhibits a peak to peak 

variation of 5.71 ps. 

Figure 5-15 shows the AC power supply rejection of the VCO. In any PLL 

design, the major source of high frequency power supply noise is likely to be the 

feedback divider. In this design, the Fvco is divided by 8 and the major source of noise is 

likely to be at a frequency of Fvco/8. Accordingly, Figure 5-16 plots the change in Fvco 

due to a noise source on the power supply at a frequency of Fvco/8. The maximum 

frequency deviation occurs at Fast/Fast process corner at 50 degC and the resulting peak 

to peak timing variation or timing jitter is 6.3 ps. It can be observed that for a typical 

process corner, both the DC and the AC power supply rejection performance of the VCO 

is excellent and exhibits very little timing jitter. 



 

Figure 5-14. Output frequency variation for a 10% step jump in power supply 
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Figure 5-15. Output frequency variation for a 10% AC noise at Fvco/8 
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Table 5-1 below summarizes the performance and the estimated silicon area for 

the VCO. The estimated area includes the VCO delay cells, the VCO buffers and the 

differential voltage to current converter. 

Table 5-1. VCO performance data and silicon area estimates 

Nominal Frequency 3.125 GHz 

Tuning Range 2.1 – 3.8 GHz 

Control Voltage Range 1.6 V differential 

Maximum Kvco variation 165 MHz/V 

Maximum power supply induced 

p-p jitter 
5.71 ps (DC)/6.3 ps (AC) 

Power dissipation 
12 mW (VCO+VtoI), 24 mW 

(VCO+VCO Buffer+VtoI) 

Die area estimate 10,000 µm^2 

5-2-5. Discussion on VCO jitter 

In an ideal oscillator, the spacing between adjacent transitions is constant [72]. In 

practice, however, the transition spacing will vary. The variation is called timing jitter 

and increases with measurement interval ∆T (i.e., the time delay between the reference 

and the observed transitions). This increase is due to the fact that in ring oscillators, the 

jitter accumulates because any uncertainty in one transition affects all the following 

transitions and effect persists indefinitely [72]. The classification of timing jitter was 

explained in Chapter 2. This section discusses the effect of device noise sources on the 

random jitter in an oscillator. For a detailed work on this topic, refer to [72]. Generally, 

the jitter introduced in a ring oscillator by individual delay stages is assumed to be 



uncorrelated with respect to each other and the total jitter is the rms sum of individual 

jitter sources. For ring oscillators with identical delay stages, the variance of the jitter is 

given by mσs
2, where m is the number of transitions during ∆T and σs

2 is the variance of 

the jitter introduced by one stage during one transition. Since m is proportional to ∆T, the 

standard deviation of the jitter after ∆T seconds is  

TT ∆=∆ κσ                                                                                                    (5-17)  

Where: κ is a proportionality constant determined by circuit parameters [72]. When 

considering correlated noise sources such as substrate, supply noise and 1/f noise, the 

standard deviations add directly as opposed to an rms sum. Therefore the standard 

deviation of the jitter after ∆T seconds is given by, 

TT ∆=∆ ζσ                                                                                                        (5-18) 

Where: ζ is another proportionality constant. Device thermal noise sources are 

uncorrelated noise sources that follow Equation (5-17) whereas correlated noise sources 

mentioned above follow Equation (5-18). In practice, both noise sources exist in a circuit 

and a log-log plot of the timing jitter σ∆T versus the measurement delay ∆T for an 

oscillator in open loop will show regions with slopes of ½ and 1, as shown in Figure 5-

16. A study of timing jitter for single ended and differential ring oscillators is presented 

in detail in [72]. In summary, for a single ended ring oscillator, the jitter proportionality 

constant κ is given by the relation, 

char
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V
V

P
kT ..

3
8
η

κ ≈                                                                                         (5-19) 

Where: η is a proportionality constant typically close to one, k is the Boltzmann’s 

constant, P is the total power dissipation, VDD is the power supply voltage and Vchar is the 

characteristic voltage which is a function of Vgs-Vt of the device. For a fully differential 

ring oscillator, the expression for κ is given by, 
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Where: N is the number of stages in the oscillator, RL is the load resistance and Itail is the 

tail current of the differential pair used in the oscillator delay cell. 

 

 

Figure 5-16. RMS jitter versus measurement time on a log-log plot 

From a design consideration point of view, Equations (5-19) and (5-20) reveal 

that for a single ended ring oscillator, the jitter is expected to be independent of the 

number of stages in the ring. For a N stage ring oscillator, the jitter for a differential ring 

oscillator is likely to be larger than that of a single ended equivalent for same N, P and 

Fosc. For both types, increasing the operating power decreases the jitter. Also, operating 

the devices with larger on voltages also achieves lower jitter. 

In integrated implementations, fully differential oscillators are still the choice due 

to lower noise sensitivity as well as lower noise injection into other circuits. For the best 

jitter performance, a single ended design with its own quiet power supply derived from 

an on-chip voltage regulator is preferred. If an on-chip regulator is not an option, a fully 

differential design is preferred. These issues influenced the use of a four stage ring 

oscillator in this design. 
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5-3. PHASE FREQUENCY DETECTOR 

A sequential phase frequency detector is most commonly used in frequency 

synthesizer applications and one has been designed in this research. The PFD has the 

ability to detect both phase and frequency differences between two signals, thus 

increasing the acquisition range and the locking speed of PLLs [1]. Another advantage of 

the synchronous PFD is that since the D flip flops are rising edge triggered, it is not 

necessary to have a 50% duty cycle on the two clock inputs to the PFD. 

Top level implementation of the PFD is shown in Figure 5-17. It consists of two 

D Flip Flops, implemented using CMOS Current Mode Logic (CML), followed by CML 

to CMOS converters, a delayed reset generator and up/down signal generators. The 

schematic of the CML flip flop used in this design is shown in Figure 5-18. The use of 

CML based circuit design ensures fully differential circuit operation and reduced noise 

injection into the power and the ground lines. The update rate of the PFD is equal to the 

reference frequency and a fully CMOS implementation will inject a lot of noise at the 

reference frequency into the power supply and ground lines. A CML implementation, on 

the other hand, operates fully differentially and to a first order, the power and ground 

lines stay quiet. The penalty for using CML flip flop is increased power consumption. For 

example, each CML flip flop used in the PFD design consumes 400 µA of operating 

current which is about an order of magnitude larger than a typical CMOS counterpart. 



  

Figure 5-17. Top level schematic of the Phase Frequency Detector 

 

Figure 5-18. Schematic of the CML Flip Flop used in the PFD 
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The operation of the PFD can be explained with the help of Figures 5-19(a) and 

(b). The rising edge of the refclk sets the UP signal. The rising edge of the divclk sets the 

DOWN signal. As soon as both the UP and the DOWN signals go high, the AND gate 

generates the reset signal to reset both the Flip Flops, thus resetting the UP and DOWN 

signals. The duration for which the UP and the DOWN signals will be high depends on 

the delay associated with the AND gate and reset path of the Flip Flop. 

 

Figure 5-19(a) A sequential PFD without delayed reset. (b) PFD output waveforms.

5-3-1. PFD Dead Zone Problem. 

When the phase and the frequency of the refclk and the divclk are very close, the 

sequential PFD can exhibit a dead zone problem [1]. Suppose that the two clock signals 

have a very small phase difference φ∆ . In that situation, the PFD can generate extremely 

small pulses on UP or DOWN outputs. Due to finite rise and fall times associated with 

the circuit design, if the narrow pulse fails to turn on the charge pump switches one way 

or the other, the control voltage to the VCO will not get updated.  This situation is 
depicted in Figure 5-20. As shown in the figure, for a phase difference oφφ < , the 
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charge pump outputs no current. In the small signal sense, the loop gain goes to zero 

causing the loop to go out of lock. 

 

Figure 5-20. Charge pump output illustrating dead zone problem in sequential PFDs. 

The dead zone is a serious problem in high performance, high frequency systems 

as it allows the VCO to accumulate as much phase error as oφ while receiving no 

corrective feedback. This causes jitter in the VCO output. Although the dead zone 

problem is a serious one, the solution is fairly simple. Referring back to Figure 5-17, the 

delayed reset generator block ensures that the dead zone problem is eliminated. 

 

Figure 5-21. Delayed reset generator in the PFD to eliminate dead-zone problem. 
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Refer to Figure 5-21 which shows the schematic of the delayed reset generator. 

An additional NAND gate is used for the UPB and DOWNB signals in order match the 

capacitive loading to be the same as UP and DOWN signals. The R-C combination 



introduces the necessary delay time. The reset input is used as an external independent 

signal to force a reset condition. The use of an R-C combination to establish the delay as 

opposed to CMOS gate based delay (for example, an inverter chain) ensures that the 

delay is fairly constant over supply voltage and temperature variations. Process variation 

of the R-C delay can be expected to be roughly the same as that experienced by a CMOS 

inverter. Figure 5-22 shows the timing diagram of the PFD for three consecutive cases of 

phase difference between the reference clock and the divider clock signals. In the first 

comparison, the reference clock leads the divided clock, in the second case the two 

signals are in phase and third case has the divider clock ahead of the reference clock. The 

UP and the DOWN signals shown are the outputs of the UP/DOWN signal generator that 

converts a CMOS level signal to a small differential signal to drive the charge pump. 

 

Figure 5-22. Timing diagram of the PFD. 

 87



5-4. CHARGE PUMP AND LOOP FILTER. 

5-4-1. Charge Pump 

The charge pump converts the phase difference information from the PFD into an 

equivalent current. The output current of the charge pump is converted into a control 

voltage for the VCO by the impedance of the loop filter. A simple conceptual model of a 

charge pump with the ideal output current waveforms is shown in Figure 5-23. The 

following observations can be made about the ideal operation of the charge pump: 

a.  Iup and Idown must be as close to each other as possible. 

b. The turn on and turn off times of the UP and DOWN switches must match 

closely. 

c. The output current must be as close to zero as possible when both UP and 

DOWN signals are on or off simultaneously. 

d. The recovery time of the current sources must be negligible. It is desirable to 

design the charge pump such that the current sources do not have to turn off. 

 

 

Figure 5-23. An ideal Charge pump and its output current waveforms. 
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Of the above observations, ‘a’ results in a static phase offset between the input 

reference and the VCO, to a first order. The current mismatch between Iup and Idown due 

to PVT influences will cause the static offset to vary as well. Although undesirable, this 

issue is less of a problem. Items ‘b’ and ‘c’, on the other hand, can have serious impact 

on the jitter performance of the system. Non-uniform rise and fall times of the UP and 

DOWN switches can cause glitches at the loop filter output causing the VCO to 

experience jitter [71]. Also, if there is a non-zero current going to the output when either 

both UP and DOWN are on or when both are off, it can cause serious jitter issues. This 

condition is often the most serious problem in a charge pump design because the zero 

output current condition usually occurs when the PLL is in lock and any leakage current 

can cause the VCO output to jitter. Additionally, the leakage current is highly dependent 

on process parameters, device sizes and temperature and can be hard to predict and 

accurately simulate [72]-[75]. The recovery time of the current sources can be an issue if 

they are allowed to turn off when the UP and DOWN switches are off. Notice that when 

the UP switch is off, the current Iup has no place to go and the current source will turn off. 

This issue can easily addressed by providing a parallel current path such that when the 

UP switch is off, another switch comes on to steer the current away into a low impedance 

node. This is a commonly used circuit technique which allows the current sources to stay 

on all the time. 

The schematic of the charge pump implemented in this design is shown in Figure 

5-24. This architecture was chosen for its simplicity and the high frequencies involved in 

this design. Transistors MP4/MP5 and MN4/MN5 generate the up and the down currents, 

respectively, required for the differential operation of this circuit. Transistors MP0/MP1 

and MP2/MP3 form PMOS source coupled differential pairs and similarly, MN0/MN1 and 

MN2/MN3 form NMOS source coupled differential pairs. 
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Figure 5-24. Schematic diagram of the differential charge pump. 

5-4-2. Differential Current Steering. 

In most charge pump designs, the transistors that steer the up and down currents 

to and from the output are operated as switches with full CMOS voltage levels 

controlling their gates [63],[66],[67]. Many other designs switch the current sources on 

and off [60],[70]. Both these architectures introduce severe glitches at high update rates 

due to parasitic capacitor coupling, transistor charge injection, finite turn on and turn off 

times of transistors etc. In this design, the charge pump is viewed more as a differential 

amplifier than as a current steering switch. If the PMOSFET source coupled pair of MP0 

and MP1 are sized such that their small signal trans-conductance is able to steer the 

current completely from one side to the other, then full CMOS level input gate drives will 
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not be necessary. Also, the common source node will not experience any voltage glitches 

that can modulate the currents. The NMOSFETs are designed in a similar manner. 

The two unknowns in the design are the gate voltage swings and the differential 

pair sizes. One of the two parameters can be fixed to calculate the other. Based on the 
 and the  values in this process, the PMOSFETs MP'

pK '
nK 0 and MP1 are sized with a 

mW µ7= and mL µ28.0=  for a small signal of 360 mg V
Aµ . The gsv∆  needed to steer 

Aµ60  is calculated to be mV
VA

A 166
/360

60
=

µ
µ . On the NMOSFET side, MN0 and MN1 

were sized with a mW µ2= and mL µ28.0=  for a small signal  of  mg V
Aµ396 . The 

 needed in this case is found to be gsv∆ mV

V
A
A 151

396

60
=

µ
µ . Minimum length of 130 nm 

was not used for these devices to reduce the output leakage current. When both UP and 

DOWN signals are off, ideally zero current should flow into the loop filter. However, any 

leakage current due to short channel effects will alter the loop filter voltage causing jitter. 

Larger than minimum device lengths are used to mitigate this problem. Another 

advantage of not operating the charge pump in a switch mode is the reduction in the 

charge injection to the loop filter. When a MOSFET is on (in its linear or saturation 

region), electrical charge is present in the channel (region under the gate). When the 

transistor is turned off, the channel charge is squirted to the source and the drain 

terminals. How the charge splits towards the source and the drain is a complicated 

physical phenomenon and is a function of the relative impedances seen at the source and 

drain terminals. By operating the charge pump more like a differential amplifier, the 

transistors are not completely turned off thus greatly reducing the charge injection 

effects. Figure 5-25 shows the schematic of the UP and DOWN signal generators that 

interface between the PFD and the Charge Pump to generate signals of proper voltage 

swings. The back connected inverters act as DC bias voltage generators to ensure proper 
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voltage swings on the respective voltages. The back connected inverters were chosen for 

simplicity in implementation. A better way to generate the UP and DOWN signals would 

be to use source follower based level shifters at the outputs of the CML flip flops in the 

PFD and resistor dividers to get the right voltage swings. This approach can be 

investigated for potential improvements to the design. 

 

 

 

Figure 5-25. UP and DOWN signal generators for the charge pump 

Figure 5-26 shows the behavior of the charge pump under three phase different 

conditions between the reference clock and the divider clock. The full signal path from 

the PFD to the charge pump is included in this simulation. Small amounts of overshoots 

are noticed in the output current. The most critical aspect of the charge pump is the 

output current when the loop is in perfect lock and when both the UP and the DOWN 

signals are off. The waveforms in the figure show that the charge pump behaves very 

well in these situations. The maximum leakage current occurs in the fast, fast, cold 

temperature, high power supply corner and the leakage current is observed to be 181 nA. 

The peak to peak jitter induced from the PFD and the charge pump can be calculated 

from this leakage number. The cycle to cycle voltage variation on the loop filter is 

influenced mostly by the smaller ripple attenuating capacitor C2 [29]. The update rate of 
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the charge pump is 3.2 ns (1/312.5MHz). The differential ∆V change in the loop filter 

voltage due to the leakage current is 

 

mV
e

eeVdiff 1584.1
121

92.3*9181*2 =
−

−−
=∆  

and the maximum VCO frequency variation due to this voltage is 

MHzeeF 059936.131584.1*6915 =−=∆  

which corresponds to a maximum timing jitter of 0.108 ps. 

 

Figure 5-26. Transient behavior of the charge pump 
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5-4-2. Loop Filter 

The schematic of the passive loop filter used in this design is shown in Figure 5-

27. The transfer function of this filter was derived in Chapter 3. The maximum  

value is obtained from the Table 5-1 to be 

vcoK

VMHz915  and the values of the loop filter 

elements used are , Ω= kR 7.31 pFC 271 = and pFC 12 = . These values were obtained 

from the plot of the loop filter elements versus the VCO gain from Figure 4-5 in Chapter 

4. The differential implementation of the loop filter requires two sets of the above resistor 

and capacitors. The resistor is designed in the N+ Polysilicon layer whose process 

parameters are given in [58]. The capacitors are implemented as metal-insulator-metal 

(MIM) capacitors. These structures have very little process variation and their parasitic 

capacitance to substrate is negligible. The total silicon area estimate for the loop filter is 

dominated by the capacitor C1. The capacitance per unit area for MIM capacitors is 1.2 

fF/µm^2 and the total estimated silicon area for the loop filter is 48,000 µm^2. 

 

 

Figure 5-27. Schematic of the loop filter 
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5-5. DIVIDER 

The most challenging aspect of the divider design is the high frequency operation 

required of the Flip Flops. Major issues for designing the divider are high operating 

frequency and low timing jitter while minimizing power consumption. All these are fairly 

challenging design issues [25],[76]. Several divider/prescaler designs have been reported 

in the literature in GaAs [77]-[79], bipolar [80], [81] and CMOS [69], [82]-[87] 

technologies. All these designs address the issue of doing multi-modulus division. The 

architecture developed in this design requires only a divide by 8 circuit which 

significantly reduces design complexity. 

The schematic of the CML based divide by 8 circuit is shown in Figure 5-28. A 

CML based fast flip flop has been designed for this design. Although schematically the 

same as the one used in the PFD, this flip flop operates at much higher current to achieve 

the high frequency operation. The operating current of the fast flip flop is 3.6 mA. Four 

divide by 8 blocks are needed to interface with the VCO. Each circuit consists of three 

flip flops and if the fast flip flops are used for all the three, the total current consumed 

would be 12x3.6 mA = 43.3 mA which is prohibitively large. Instead, the divide by 8 is 

actually implemented as a divide by 4 and a divide by 2 such that the final divide by 2 

does not need to have a large operating current. In the implementation the flip flop used 

for the final divide by 2 runs at 1 mA. This mechanism reduces the total power 

consumption of the divider to 31.8 mA, which is almost a 30% reduction. Further 

investigation in this area to reduce power in the divider is necessary for a more 

commercially viable solution. Table 5-2 below summarizes the simulated maximum 

operating frequency, power consumption and power estimates for the divider. 

 



 

Figure 5-28. Schematic of the CML flip flop based divide by 8 circuit. 

Table 5-2. Summary of simulated results for the divider and area estimates 

Maximum Operating Frequency 4.4 GHz 

Power dissipation 48 mW 

Estimated die area 48000 µm^2 

 

5-6. TRANSITION SELECTOR AND PHASE ACCUMULATOR 

Recall from Chapter 4 that the fractional division in this architecture is achieved 

using phase manipulation using the transition selector and the phase accumulator. Based 

on the phase accumulator output, the transition selector picks the proper phases of the 

divider output to generate the pulse train with the necessary frequency. Note that the 

output frequency of the transition selector will always be equal to that of the input 

reference frequency, which in this case is 312.5 MHz. The loop adjusts the VCO 

frequency appropriately to account for the fractional divide ratio. The output frequency of 
the PLL, in a fractional sense, is given by )1(. PhNFF refvco += . 

5-6-1. Transition Selector 

The schematic implementation of the transition selector is shown in the Figure 5-

29. In order to simplify the description of the operation of the TSel block, a four phase 
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version is shown in the figure. The transition selector is comprised of a 2/4 logic decoder, 

four resettable D flip-flops and an OR gate. 

 
D

C
k

Q

rst

D
C
k

Q

rst

D
C
k

Q

rst

D
C
k

Q

rst

0Φ

1Φ

2Φ

3Φ

2/4
Decoder

Accout_0

Accout_1

Fout

 

Figure 5-29. A simplified four phase version of the transition selector. 

The 2/4 decoder receives the 2-bit output of the phase accumulator and decodes it 

into four possible values which form the inputs to the four D flip-flops as shown in the 

figure. At the respective rising edges of the phases Ф0 – Ф3, the respective outputs of the 

flip-flops become ‘1’. Every time the OR gate receives a ‘1’, it outputs a ‘1’ which resets 

all the flip flops. Thus the output of the OR gate is a pulse which will update the phase 

accumulator. It is very important to equalize the propagation delays from the selected 

clock phase to the output of the OR gate. Any variation in the delay causes variation in 

the reset timing and introduces jitter at the OR gate output. 

The output of the divider produces 64 phases separated in time by 40 ps with a 

nominal frequency of 390.625 MHz (3125/8 MHz). As a result, the full implementation 

of the transition selector consists of 64 D flip flops. The outputs of these 64 flip flops 
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have to be condensed by a 64 input OR gate. Using a standard OR gate is impractical as 

the propagation delay through the gate is too large. Moreover, the rise and fall times of 

such a large input gate would be highly asymmetric and process dependent. To solve this 

problem, the 64 input OR gate is broken down into 8+1 NMOS only type OR gates, each 

having 8 inputs [56]. The schematic of the 64 input OR gate is shown in Figure 5-29. The 

rise and fall time of each OR gate must be closely matched to minimize timing jitter. This 

was achieved by extensive simulation of the OR gate over PVT corners and the final 

design matched the rise and fall times closely. 

 

Figure 5-30. A NMOS only 64 input OR gate implemented as 8+1 topology. 

5-6-2. Phase Accumulator 

An m-bit accumulator consists of an m-bit adder and m-bit latches. The three 

targeted divide ratios were tabulated on Table 2-2 in Section 2-4. The corresponding 

phase accumulator input words are summarized in Table 5-3. The binary numbers 

required are 0.01, 0.0001, 0.00001 and a 6-bit accumulator is implemented to handle the 
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different frequencies. It is observed that the fixed divider provides 64 phases and a 64-bit 

accumulator can produce output frequencies with extremely fine resolution. 

Table 5-3. Phase Accumulator input word for the expected output frequencies 

VCO Output 

Freq 

Fixed Divider 

Ratio 

Frac. Divide 

Ratio 

Ph. Acc 

Input # 

3.125 GHz 8 1.25 0.25 

2.65625 GHz 8 1.0625 0.0625 

2.578125 GHz 8 1.03125 0.03125 

A simple 6 bit Manchester adder with a conflict free bypass circuit is 

implemented in this design [25]. The carry of the ith stage, Ci, may be expressed as 

1
'

−+= iiiii CPPGC                                                                                             (5-17) 

Where: 

iii BAG •=  and iii BAP ⊕= . In these equations,  indicates the generate 

signal at stage i and  is the propagate signal stage i of the adder. The sum output is 

generated by, 

iG

iP

1−⊕= iii CPS .                                                                                               (5-18) 

The 6-bit Manchester adder consists of a PG generator to generate the propagate and the 

generate signals, the carry generator and the sum generator, as shown in Figure 5-31. 

 

 99
Figure 5-31. Block diagram of the 6-bit Manchester adder. 



 

Figure 5-32. Logic implementation of the 6-bit adder: (a) Manchester carry generator, (b) 
Bypass Control Logic, (c) Propagate Logic, (d) Sum Logic and (e) Generate 
Logic. 
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Logic level implementation of the adder is shown in Figure 5-32. The worst case 

propagation time of the carry can be improved by bypassing three stages if the propagate 

signals P3, P4 and P5 are true [25]. 

 

5-7. BIAS GENERATOR 

The bias generator for this design is shown in Figure 5-33. It consists of an op-

amp based V-I generator with an external resistor to generate an accurate temperature and 

process independent current. The input to the op-amp and the resistor are intended to be 

external so that the internally generated current can be accurate. A fully integrated 

implementation would include an on-chip bandgap or similar reference circuit with either 

an on-chip or an external resistor to do the V-I conversion. Designing a bandgap 

reference at a low supply voltage 1.5 V is a non-trivial exercise and is beyond the scope 

of this work. Hence, this design is implemented with an external voltage and resistor. 
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Figure 5-33. Bias Current Generator. 
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5-8. PUTTING IT ALL TOGETHER 

Each of the building blocks of the fractional-N frequency synthesizer have been 

described in detail. However, the task of putting all these blocks together is a non-trivial 

one. This is particularly the case because of the use of CML based voltage levels in most 

blocks and CMOS level voltage levels in a few. The CML voltage levels in this design 

are set at approximately 500-650 mV peak to peak single ended. That means that for a 

power supply of 1.5 V with a +/-5% variation, the CML logic swing will be from 700 mV 

to Vdd. At the PFD to Charge Pump interface, however, the voltage swings are only 

about 170 mV as explained earlier. 
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Figure 5-34. Top level schematic of the complete frequency synthesizer. 
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The top level schematic of the complete frequency synthesizer is shown in Figure 

5-34. The performance summary of the synthesizer is given in Table 5-6. The large 

portion of the power supply current is consumed by the feedback divider (31.8 mA) and 

the transition selector (25.6 mA). Architectural and circuit level optimization may be 

done to address this issue. Chapter 7 discusses some of the possible changes to reduce the 

power consumption. 

Table 5-6. Simulated performance summary of the synthesizer 

Technology 0.13 µm CMOS 

Power Supply 1.5 V 

Max Power Consumption 

(@Fout = 3.125GHz) 

112 mW (75 mA) 

Est. Peak to Peak Jitter 

(@Fout=3.125 GHz) 

49 ps 

Est. RMS Jitter 

(@Fout = 3.125 GHz) 

3.20 ps 

For a BER=10-14

Est. Die Size 196,000 µm^2 

 

The peak to peak jitter number is the sum of the jitter introduced by the VCO, the 

PFD and the charge pump and the feedback path of the divider and the transition selector. 

In the number shown in the table, the transition selector is estimated to introduce a peak 

to peak jitter of about 3 ps to the system. The silicon implementation may result in a 

slightly higher number to due to substrate noise, layout mismatches and transmission line 

effects due to long metal traces, etc. The RMS jitter number does not take into account 

the contribution due to the device noise such as thermal and 1/f noise. The major source 
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of device noise induced jitter is in the VCO input stages. Further investigation in this area 

needs to be done to arrive at a more accurate number. The overall RMS jitter number is 

unlikely to increase by a large amount when the device noise contribution is included. 

 

5-9. SUMMARY 

This chapter described the circuit design aspects of each of the building blocks of 

the fractional-N frequency synthesizer. The theory and the design of the new VCO is 

explained and its performance parameters are presented. Similarly, the chapter presents 

the design of the VCO, PFD, charge pump, loop filter, divider, the transition selector and 

the phase accumulator. While running at the maximum frequency of 3.125 GHz, this 

architecture is estimated to consume 75 mA of supply current while running off of a 1.5 

V nominal power supply. This power consumption is fairly large when compared to 

published literature. However, when integrated in a network backplane environment, the 

PLL will be used to supply the clocks for multiple ports (typically four) and the power 

measurement metric is calculated on a per port basis and under that scenario, the power 

consumption of the PLL will be 18.5 mA/port. 

When compared to stand-alone PLL designs, this architecture definitely consumes 

more power. Most of the power is consumed in the feedback divider and the transition 

selector and this is not a huge surprise. 
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Chapter 6:  Layout Design 

This chapter briefly discusses the layout issues concerning the synthesizer circuit 

developed so far. Although the full layout and fabrication of this design has not been 

done, a discussion of the various issues involved in the layout of such a high frequency, 

high performance system is relevant. A possible floor plan of the synthesizer is shown in  

Figure 6-1. The VCO and the VCO buffers are placed close together and separated from 

the rest of the circuitry with guard rings for noise immunity. The VCO is also placed 

close to the pads of the package such that the power supply and ground routing is 

minimized. The VCO and the VCO buffers are placed as close to each other as possible 

to avoid excessive routing parasitics on the VCO outputs 

The loop filter, charge pump and the PFD can be laid out together as shown in 

Figure 6-1. These three blocks operate at the rate of the input reference clock and must be 

shielded from the VCO. The most critical signal nodes in the system are the control 

voltage to the VCO, that is the loop filter outputs. Any noise coupled to these nodes 

influence the jitter performance of the VCO. Placing the loop filter close to the VCO 

allows these signals to be routed in the quietest possible manner and also in the shortest 

possible distance to the VCO. 

The divider, the transition selector and the phase accumulator can be placed to the 

side as shown in the figure. Again, this type of floor plan allows the output of the 

transition selector to be routed to the input of the PFD very conveniently. For issues 

related to the pad parasitics, instead of bringing out the high frequency clock, a divided 

version of that can be brought outside of the chip. 
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Figure 6-1. Possible layout floor plan for the frequency synthesizer. 

If possible, the VCO and the VCO buffer should be operated from a separate pair 

of power supply and ground pins. This allows for the maximum noise immunity for the 

VCO. However, in a real world implementation, if separate pins are not available, then 

either multiple power supply and ground pads must be placed inside the chip which are 

bonded to a single pins outside the package or an on-chip voltage regulator can be 

included to generate a voltage dedicated for the VCO. An on-chip voltage regulator may 
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also be more desirable so that the VCO can be operated at a supply voltage different than 

that of the rest of the circuitry. 

 

6-1. VCO LAYOUT 
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Figure 6-2. Candidate floor plans for the VCO showing the delay cell placements. 

The layout of the VCO and the delay cell is very crucial to the overall jitter 

performance of the VCO as well as the PLL. Extreme care is taken to ensure that 

differential signals are matched well in all respects. Two candidate delay cell placements 

for the VCO are shown in Figure 6-2. In the first floor plan, the four delay cells are 

placed in a common centroid symmetry enclosed inside a guard ring. The V to I converter 

is placed in the center such that the routing to the individual delay cells is identical. One 

drawback of this plan is that the routing between the delay cells will not be perfectly 
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matched. The floor plan on the right addresses this problem where the delay cells are 

placed next to each other. This plan also has the advantage that the loop filter outputs can 

be brought to the voltage to current converter without crossing any of the VCO signals. 

Just from that point of view, the second floor plan may be preferred. The active and the 

passive elements inside the delay cell must also be laid out with common centroid 

symmetry and with dummy cells such that process and planarization variations introduce 

very minimal performance degradations. 

The above two aspects are just examples of good layout and floor planning 

practices that are needed to ensure the functionality and the performance of the design. 

Overall performance will be decided by the layout of the rest of the functional blocks. 

Good layout practices, solid power supply and ground routing, minimization of parasitics 

and in cases where longer routing is needed, matching of the parasitics, keeping clocks of 

different frequencies far from each other, simulating the circuits with the electrical model 

of the pads etc can significantly increase the probability of getting a fully functional and 

fully performing silicon. 

 

6-3. SUMMARY 

Although the layout of the synthesizer has not been completed, this chapter 

describes the layout strategies to be used that ensure a successful silicon implementation. 

As examples, candidate floor plans of the synthesizer and the VCO are shown. In high 

performance and high frequency mixed mode systems, the block level and the top level 

layout of the system is as critical to the success of the design as any other aspect. 
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Chapter 7:  Conclusions 

This dissertation presents the design and development of a new architecture for a 

fractional-N frequency synthesizer for a high speed serial communications link such as a 

network backplane. As part of the development, an adaptive line rate network backplane 

architecture is also proposed. The new network backplane architecture allows for on the 

fly change of the line coding schemes used at either ends of the serial link. The choice of 

the line codes dictates the bandwidth overhead needed to achieve a particular data rate. 

The smaller the overhead, the slower the serial link needs to operate to achieve the data 

rate. A slower operating serial link is more robust, experiences less channel influenced 

signal distortion and reduces the probability of making a bit error at the receiver (lowers 

bit error rate). 

The adaptive nature of network backplanes requires that the serial clock generator 

at the transmitter be flexible enough to generate any one of several frequencies. Such a 

problem can be solved by changing the reference clock source to the transmit clock 

synthesizer, having a set of clock synthesizers one of which is operational at any time, 

having a single PLL with multiple VCOs and several other options. These approaches to 

solve the clock generation problem were studied along with their relative merits and 

demerits. 

A new fractional N frequency synthesizer architecture is developed and designed 

to address this problem. This architecture recognizes the fact that in a sequential phase 

frequency detector, the two inputs need not have a 50% duty cycle. The PFD is active on 

the rising edges of the two signals. Thus if a phase manipulation technique is embedded 

in the feedback loop of the PLL such that a pulse train with right frequency is generated, 

then the loop dynamics will ensure that the VCO frequency locks to a value which can be 



a fractional multiple of the input reference. In this architecture, a direct digital period 

synthesis scheme is embedded along with a fixed modulus divider in the feedback of the 

PLL. With the help of simple digital circuitry and a phase accumulator, the pulse train is 

generated to be compared with the input reference. The frequency of the VCO output is 
related to that of the input reference through the relation, )1( PhNFF refout +•= , where 

 is the ratio of the fixed divider and  is the input control word to the phase 

accumulator. It was demonstrated that a simple 6-bit accumulator is sufficient to generate 

the three target frequencies addressed in this work. 

N Ph

The output jitter performance of this architecture is governed primarily by the 

VCO. This is because the design does not place low bandwidth requirements on the loop, 

as opposed to other fractional-N architectures. For example, in a fractional-N synthesizer 

using a multi-modulus divider, the pattern in which the divide ratio is modulated appears 

on the VCO as spurs in the frequency domain around the fundamental or pattern jitter in 

the time domain. In circuits using ∆Σ modulators, the loop bandwidth must be kept low 

in order to filter out the shaped quantization noise of the ∆Σ.  

The transition selector in the feedback relies on close spacing of the clock phases 

to be able to jump from one to the other. The time spacing between phases essentially 

sets a lower bound for the peak to peak jitter of the system. In this case, a four stage ring 

oscillator was implemented to operate at 3.125 GHz with a phase spacing of 40 ps. Thus 

the peak to peak jitter estimated from simulation outputs was as much as 55 ps. This 

number is very close to the maximum allowable jitter in a network backplane system 

running at a line rate of 6.25 GBPS. 

A fully differential implementation of the PFD/Charge Pump/Loop Filter/VCO 

signal path ensures good power supply and substrate noise immunity. Unlike most 

designs, the control path to the VCO is also kept fully differential which helps to double 
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the dynamic range of the loop filter/VCO combination. The single ended voltage needs to 

swing only half as much to get the same frequency range out of the VCO. In low voltage 

designs, this feature can be very attractive. Also, the charge pump, instead of being 

designed as a semi-digital circuit is now operated as a fully analog circuit. A differential 

amplifier based structure is used to steer the UP and DOWN current, which greatly 

reduces switching glitches keeping the current sources as quiet as possible. 

 

7-1. PERFORMANCE COMPARISON 

Table 7-1 shows a performance comparison of several published works with this 

design. A MATLAB program was used to convert the phase noise spectrum published in 

each of the references to an equivalent RMS jitter number and in turn, a peak to peak 

jitter value at the same BER. This design performs better than two other designs using 

ring oscillators [23],[46] and compares closely with that using an LC oscillator [66]. 

Table 7-1. Performance comparison of this work 

Designs 
Fout 

GHz 

Process 

µm 

VCO 

Type 

Area sq. 

mm. 

Pdiss, Vsup 

mW, V 

Peak to peak 

jitter, ps 

This Work* 3.125 0.13 Ring 0.2 112,1.5 49 

[23]* 1.8 0.6 Ring 10.7 52, 3.3 164 

[46]* 2.4 0.35 Ring 3.7 50,3.3 76.5 

[52] 0.6 0.25 DLL 0.13 60, 2.5 54 

[66] 6.3-9 0.18 LC 0.77 58, 1.8 42.6 

[67] 2.4 0.12 LC 0.7 32, 1.2 11.3 

* Fractional N Synthesizers. 
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The peak to peak jitter of this design can be significantly reduced by decreasing 

the time separation between adjacent phases. For example, by doubling the number of 

phases from 8 to 16, the time step between each phase at 3.125 GHz will be 20 ps and the 

overall jitter would reduce to 29 ps. The important observation is that the contribution of 

the circuit induced jitter to the overall performance is small. Doubling the number of 

phases may be done by going to an 8 stage ring oscillator. The drawback of doing so 

would be increased device noise contribution. Another method to increase the number of 

phases is to perform one stage of phase interpolation. Such a scheme would be sensitive 

to process variations and device mismatches. Careful design, layout and trimming options 

will be needed for any delay/phase mismatch calibration. 

Addressing the power consumption of this design, there are both architectural and 

circuit design aspects that have contributed to the high power consumption: 

a. The two blocks that consume the most power are the divider and the transition 

selector. The large power consumption is due to the large number of flip flops 

in these blocks. The fast flip flops used in the divider were not optimized for 

power consumption during the design phase. Additional power savings can be 

obtained by thoroughly optimizing the flip flop design. The same argument 

can be made for the flip flops used in the transition selector. Quite possibly, a 

full CMOS implementation of the flip flop can be used in the transition 

selector and the current reduced. However, a fully CMOS version would 

introduce a lot of power supply and ground noise which is undesirable. 

b. If the transition selector and the fixed divider are interchanged, then only eight 

fast flip flops are needed for the transition selector as it operates on only the 

VCO output. Instead of four dividers, only one divider is needed which 

greatly reduces power consumption. The drawback, however, is that the 
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frequency resolution will be reduced by a factor of 8 as the transition selector 

now has only 8 phases to manipulate as opposed to 64. For limited number of 

output frequencies, this set up will be more power efficient. 

c. Use of CML based design in most of the blocks also increases power 

consumption. However, in a power consumption versus noise injection 

tradeoff and in most cases, the lower noise performance is preferred. 

 

7-2. FUTURE WORK. 

The most critical validation of any new architecture and design is in the form of a 

working silicon. Hence, a silicon implementation of this work would be of great interest. 

Opportunities to commit this design to silicon implementation will be explored. The 

relatively large power consumption of this design is another area that needs investigation. 

Both architectural and circuit level alternatives were proposed to address this issue in the 

previous section. Each of these can be investigated with respect to the overall 

performance of the system. 

This research work attempts to address a very real problem existing in the 

industry even today. Personal communications with large networking companies have 

shaped the scope of the problem. The applicability of the adaptive line rate network 

backplane in a networking company’s real world product installation would be a nice 

validation of this concept. Any possibility in this direction will be explored. 

Recent product announcements and research papers have described serial 

communications devices at 6.25 GBPS and beyond. These, however, achieve the 

performance with the help of faster silicon processes rather than attempting to solve the 

speed problem at an architectural level. As bandwidth and throughput requirements rise 

with newer applications involving video information, the line rate bottleneck will again 
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be faced. Constant chasing of smaller and faster processes will not be able to solve the 

problem as operating voltages reduce. This research has addressed the problem at an 

architectural level. 
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Appendices 

A-1. HSPICE STIMULUS FILES 

A-1-1. VCO simulation 

 
* simulation stimulus file to run the VCO 
 
.options method=gear brief captab nomod probe measdgt=7 ingold=2 
 
.include 'hspiceFinal' 
.param cnt = 0 
.param bias=100uA 
.param cbias=200uA 
.param vco_sup='1.5*1.0' 
.temp=-40 50 125 
 
* Model file inclusion 
.lib 'c:\wrk\spice\models\include.txt' TYPICAL 
 
* power supply connections with possible metal parasitics 
rsup1 t1 vco_pwr 1 
vsup1 t1 0 pwl 0ns 0 10ns vco_sup 
rgnd vco_gnd tgnd 1 
vgnd tgnd 0 0 
 
* Bias currents for the VCO and the V to I 
ib0 ibias vco_gnd pwl 0ns 0 10ns bias 
ib1 vco_pwr ib_const pwl 0ns 0 10ns cbias 
 
* Control voltage definition 
vc1 vcn vcom pwl 0ns 0 10ns cnt 
vc2 vcom vcp pwl 0ns 0 10ns cnt 
vc3 vcom 0 pwl 0ns 0 10ns 'vco_sup/2' 
 
* simulation cards 
* First run a single simulation 
*.tran 1ps 40ns 
* Run a temperature sweep 
*.tran 1ps 40ns sweep temp poi 3 -45 50 125 
* Run a control voltage sweep 
.tran 1ps 40ns sweep cnt lin 20 -0.4 0.4 
* Run a bias current sweep 
*.tran 1ps 60ns sweep cbias lin 10 50u 500u 
*.tran 1ps 60ns sweep bias lin 10 50u 500u 
 
* Output plotting and probing 
*.probe tran v(o0n) v(o0nb) v(p1) v(p1b) v(p2) v(p2b) v(p3) v(p3b) 
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*.probe tran v(gnda) i(rsup1) i(vsub1) 
*.probe tran i(xi4.mn6) i(xi4.mn7) i(xi0.mn6) i(xi0.mn11) i(xi0.mn10) 
*+ i(xi0.mn12) i(xi0.r0) i(xi0.r3) 
*.probe tran v(v0p) v(v0m) v(v45p) v(v45m) v(v90p) v(90m) v(v135p) 
v(v135m) 
*.probe tran v(v0m) v(v0p) 
*.probe tran v(xi4.net29) v(xi0.net15) v(xi0.net039) v(vcp) v(vcn) 
*.probe tran v(ibn) v(ibp) v(ib_const) 
 
* Some parameter measurements 
* First measure the output common mode voltage 
.measure tran vdiff param 'v(vcp)-v(vcn)' 
.measure tran vmax max v(v0p) from=34ns to=35ns 
.measure tran vmin min v(v0p) from=34ns to=35ns 
.measure tran vavg param '(vmax+vmin)/2' 
* Next measure the VCO frequency 
.measure tran ft1 when v(v0p)='vavg' td=34ns rise=1 
.measure tran ft2 when v(v0p)='vavg' td=34ns rise=2 
.measure tran fosc param '1/(ft2-ft1)' 
* Now measure the output peak to peak amplitude 
.measure tran phpp pp v(v0m) from=34ns to=35ns 
.measure tran phbpp pp v(v0p) from=34ns to=35ns 
 
* Process, variation cards. 
.alter 
.prot 
.lib 'c:\wrk\spice\models\include.txt' FAST 
.unprot 
.alter 
.prot 
.lib 'c:\wrk\spice\models\include.txt' SLOW 
.unprot 
*.alter 
*.prot 
*.lib 'c:\wrk\spice\models\include.txt' FSSL 
*.temp -10 
*.unprot 
*.alter 
*.prot 
*.lib 'c:\wrk\spice\models\include.txt' SLFS 
*.temp 120 
*.unprot 
 
.end 

 

A1-1-2. PFD and Charge Pump simulation 
* simulation stimulus file to run the PFD and the charge pump 
 
* Spice option decks 
.options method=gear brief captab nomod post 
.options off ingold=2 probe numdgt=7 
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* Include the netlist 
.include 'hspiceFinal' 
 
* Some temperature cards 
.temp -40 50 125 
 
* Parameter definitions 
.param cbias=60uA 
.param pbias=900uA 
.param cp_sup='1.5*1.0' 
.param pd_sup='1.5*1.0' 
.param filt=0.75 
 
*up and down signal timings 
.param fcp=312.5Meg 
.param refper='1/fcp' 
.param tr='refper*0.01' 
.param tf='refper*0.01' 
.param refpul='0.5*(refper-tf-tr)' 
.param td='500/fcp' 
 
* Run a worst case 30% faster divide clock 
.param fdiv='fcp*1.3' 
.param divper='1/fdiv' 
.param divpul='0.5*(divper-tr-tf)' 
 
*up and down signal levels 
.param com=1.0 
.param amp=0.2 
 
* Model cards 
.lib 'c:\wrk\spice\models\include.txt' TYPICAL 
 
* power supply 
rsup1 t1 cppwr 0.1 
vsup1 t1 0 pwl 0ns 0 'td/20' cp_sup 
rsup2 t2 pdpwr 0.1 
vsup2 t2 0 pwl 0ns 0 'td/20' pd_sup 
rgnd gnda tgnd 0.1 
vgnd tgnd 0 0 
 
* Bias currents to the charge pump and the PFD 
iv0 cpbias gnda pwl 0ns 0 'td/20' cbias 
iv1 pdpwr pdbias pwl 0ns 0 'td/20' pbias 
 
vout cppwr cpout pwl 0ns 0 'td/20' filt  
vfr  force_rst 0 pwl 0ns 0 'td/20' 0 '(td/20)+10ps' pd_sup 
+ 'td-10ns' pd_sup 'td-10ns+10ps' 0 
 
* clock inputs 
vrf refclk 0 pulse 'com-amp' 'com+amp' td tr tf refpul refper 
vrfb refclkb 0 pulse 'com+amp' 'com-amp' td tr tf refpul refper 
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vdv divclk 0 pulse 'com-amp' 'com+amp' 'td+(refper-divper)' tr tf 
+divpul divper 
vdvb divclkb 0 pulse 'com+amp' 'com-amp' 'td+(refper-divper)' tr tf 
+divpul divper 
 
* simulation and option cards 
*.tran 1ps 100ns sweep filt poi 6 1.0 1.25 1.5 1.75 2.0 2.25 
*.tran 1ns 1.6us 1ps 1.61us sweep filt lin 11 0.4 1.1 
.tran 1ns 1.6us 1ps 1.61us 
 
* Output plotting and probing 
*.probe tran i(xi3.m23) i(xi3.m21) i(vout) i(xi3.m22) i(xi3.m20) 
*+ i(xi3.m25) i(xi3.m24) i(xi3.m18) 
.probe v(refclk) v(divclk) v(dn) v(up) 
.print v(refclk) v(divclk) v(dn) v(up) 
*.probe i(vout) 
*.print i(vout) 
 
*.alter 
*.prot 
*.lib 'c:\wrk\spice\models\include.txt' FAST 
*.unprot 
*.alter 
*.prot 
*.lib 'c:\wrk\spice\models\include.txt' SLOW 
*.unprot 
*.alter 
*.prot 
*.lib 'c:\wrk\spice\models\include.txt' SLFS 
*.unprot 
*.alter 
*.prot 
*.lib 'c:\wrk\spice\models\include.txt' FSSL 
*.unprot 
 
.end 

 

A-2. MATLAB CODE 

 
% Program to compute the PLL open loop and closed loop responses given 
% the bandwidth and phase margin and the Kvco from the VCO design 
 
clear all; 
close all; 
 
%constants 
two_pi = 2.0*pi; 
fref = 312.5e6; 
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%set desired corner frequency and phase margin 
fc=fref/20; 
pm=75; 
 
%nominal divide ratio 
Ndiv = 10; 
 
%pll parameters 
wc=two_pi*fc; 
rm = pm*pi/180; %convert phase margin to radians 
fstart=1000;fstop=1e10;nstep=100; 
 
fratio = (fstop/fstart)^(1/nstep); % frequency step ratio 
for i = 1:nstep+1 
 f(i) = fstart*fratio^(i-1); 
end % geometric progression of frequencies for log plot 
w=2*pi*f; % frequency array in Hz converted to radian frequency 
 
tau_z = 1/((sec(rm)-tan(rm))*wc); 
tau_p = 1/(wc*wc*tau_z); 
kv=915e6; %Maximum kvco number obtained from VCO design 
 
kvco=two_pi*kv; 
icp=60e-6; %Design trade off 
 
R = ((Ndiv*wc)/(icp*kvco))*(tau_z/(tau_z-tau_p)); 
C1 = tau_z/R; 
C2 = C1*tau_p/(tau_z-tau_p); 
 
s=tf('s'); 
t_z=R*C1;t_p=R*C1*C2/(C1+C2); 
zero=1/t_z; 
pole=1/t_p; 
funity=(icp*kvco*R)/Ndiv; 
g_s = ((icp*kvco)/Ndiv)*(1/(C1+C2))*(1+s*t_z)/(s^2*(1+s*t_p)); 
k_c = ((icp*kvco)/Ndiv)*(1/(C1+C2)); 
h_s = k_c*(1+s*t_z)/(s^3*t_p+ s^2+s*t_z*k_c+k_c); 
[mg,pg]=bode(g_s,w);mg_1=reshape(mg,1,nstep+1);pg_1=reshape(pg,1,nstep+
1); 
[mh,ph]=bode(h_s,w);mh_1=reshape(mh,1,nstep+1);ph_1=reshape(ph,1,nstep+
1); 
subplot(2,1,1);semilogx((w/(2*pi)),20*log10(mg_1),'bx-');hold on; 
semilogx((w/(2*pi)),20*log10(mh_1),'rx-');grid;xlim([1000 1e10]); 
xlabel('Frequency, Hz'); ylabel('Magnitude, dB'); 
subplot(2,1,2);semilogx((w/(2*pi)),pg_1,'bx-');hold on;grid; 
semilogx((w/(2*pi)),ph_1,'rx-');xlim([1000 1e10]); 
xlabel('Frequency, Hz'); ylabel('Phase, deb'); 

 
% Program to compute the PLL paramters given the bandwidth and 
% phase margin 
 
clear all; 
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close all; 
 
%constants 
two_pi = 2.0*pi; 
fref = 312.5e6; 
 
%set desired corner frequency and phase margin 
fc=fref/20; 
pm=70; 
 
%nominal divide ratio 
Ndiv = 10; 
 
%pll parameters 
%kv=625e6; %625 MHz/V. desired kvco 
wc=two_pi*fc; 
rm = pm*pi/180; %convert phase margin to radians 
 
tau_z = 1/((sec(rm)-tan(rm))*wc); 
tau_p = 1/(wc*wc*tau_z); 
 
kv=[500:10:1200]; 
for i=1:length(kv) 
 kv_rad = two_pi.*kv.*1e6; 
   Ip = 60e-6; % charge pump current 
    
   R1 = ((Ndiv.*wc)./(Ip.*kv_rad)).*(tau_z/(tau_z-tau_p)); 
   C1 = tau_z./R1; 
   C2 = C1.*(tau_p/(tau_z-tau_p)); 
end 
subplot(3,1,1); plot(kv.*1e6,C1.*1e12,'bx-'); 
xlabel('vco gain,Hz/V'); ylabel('loop filter cap C1, pF'); 
grid; subplot(3,1,2);plot(kv.*1e6,C2.*1e12,'bx-');grid; 
xlabel('vco gain,Hz/V'); ylabel('loop filter cap C2, pF'); 
subplot(3,1,3); plot(kv.*1e6,R1,'bx-');grid; 
xlabel('vco gain,Hz/V'); ylabel('loop filter resistor'); 
 
fid = fopen('lpf.txt','w'); 
for i=1:length(kv) 
   fprintf(fid,'%6.4g\t%6.4g\t%6.4g\t%6.4g\n',kv(i),C1(i),C2(i),R1(i)); 
end 
fclose(fid); 
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